
 
 

1 
 

 

 

Subcarrier Multiplexing Based 

Transponder Design 

 

 

 

Tingting Zhang 

Doctor of Philosophy 

 

 

 

Aston University 

March 2019 

 

 

©Tingting Zhang, 2019 

Tingting Zhang asserts her moral right to be identified as the author of this thesis 

 
 

This copy of the thesis has been supplied on condition that anyone who consults it is understood to 

recognise that its copyright belongs to its author and that no quotation from the thesis and no information 

derived from it may be published without appropriate permission or acknowledgement. 

 



 
 

2 
 

Aston University 

 

Subcarrier Multiplexing Based Transponder Design 

 

 

Tingting Zhang 

Doctor of Philosophy 

March 2019 

 

 

Summary 
This thesis presents the design and demonstration of high-speed transponders using analogue 
implemented subcarrier multiplexing (SCM) technique to simplify digital signal processing (DSP) for 
different applications. A 144-Gb/s filter bank multicarrier (FBMC) transceiver is numerically 
demonstrated for 2-km standard single mode fibre (SSMF) transmission. Without nonlinear or 
chromatic dispersion (CD) compensation nor channel equalization, the FBMC system outperforms the 
orthogonal frequency division multiplexing (OFDM) counterpart, and the transmission penalty for the 
8-subcarrier FBMC system is 2.4 dB. For amplifier-free 80-km transmission, a 134-Gb/s coherent 
transceiver utilizing heterodyne detection and doubly differential (DD) quadrature phase shift keying 
(QPSK) is numerically demonstrated. Without CD compensation nor carrier recovery, transmission 
penalty and performance degradation for frequency offsets within ±2 GHz is negligible. To further 
improve interface rate, a 200-Gb/s DD QPSK transceiver using hybrid-assisted tandem single sideband 
(TSSB) modulation and digital coherent detection is numerically verified. However, guard bands and 
QPSK used in both transponders result in low spectral density, and conventional DD decoding degrades 
receiver sensitivity by 7 dB. To overcome these problems, a 209-Gb/s coherent transponder utilizing 
DD two amplitude/eight-phase shift keying (2ASK-8PSK) and 11-tap multi-symbol DD decoding is 
experimentally demonstrated, with an implementation penalty of 5.9 dB and a performance penalty of 
1 dB for 100-km transmission. For long-haul application, a 62-GBaud SCM 16-ary quadrature 
amplitude modulation (16QAM) transceiver employing a single in-phase quadrature (IQ) mixer, simple 
transmitter-side DSP, and sub-band detection is demonstrated, giving spectral efficiency of ~2.7 
b/s/Hz/polarization and OSNR penalty of 6.6 dB. By resorting to hybrid-assisted TSSB modulation, the 
aggregate symbol rate of the SCM transmitter is improved to 86 GBaud. With sub-band coherent 
detection and a 31-tap multi-input multi-output (MIMO) equalizer, an implementation penalty of 2 dB 
and spectral efficiency of ~3.6 b/s/Hz/polarization are achieved.  

Keywords: optical communications, subcarrier multiplexing, digital signal processing. 
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Chapter 1 : Introduction 
 

 

 

We are now living in a society where Internet applications and services are pervasively present. Since 

the early days of the Internet, the data traffic has experienced rapid growth, stimulated by the increasing 

end user connection and the popularity of emerged new kinds of convent delivery (from initial text-

based traffic to voice, picture, network video, and high-definition television streaming [1]). According 

to Cisco’s Visual Networking Index 2018 [2], the global internet traffic was only 100 gigabytes (GB) 

per second in 2002, which was dramatically increased to 46,600 GB per second in 2017 and is expected 

to be tripled in the next five years.  

The backbone of the Internet is optical fibre networks, which use large-bandwidth and low transmission 

loss optical fibres to transmit around 99% of the internet data. To accommodate the exponentially 

increased data demand, tremendous efforts have been made in improving interface rates of 

transponders. In early 1990s, commercial single-wavelength bit rates (using intensity modulation and 

direct detection) were only few Gb/s. In a few years, commercial transponders were capable to support 

10 Gb/s and 40 Gb/s by resorting to differential phase shift keying in direct detection systems [3]. The 

first commercial coherent transponder operating at 40 Gb/s per lane was available in 2008 utilizing 10-

GBaud polarization division multiplexed (PDM) quadrature phase shift keying (QPSK) [4]. Employing 

a higher baud rate of 28 GBaud, the interface rate was increased to 100 Gb/s in 2009 [5]. Nowadays, 

coherent 100G technology are widely deployed mainly in long-haul systems. To push forward beyond 

100G, higher-order modulation formats e.g. 16-ary quadrature amplitude modulation (16QAM) and 

probabilistically shaped 64QAM have been utilized in 200G [6] and 400G [7] coherent products. 

Despite approximately 20% compound annual growth rate (CAGR) of commercial coherent interface 

rates, the disparity between fibre capacities and global traffic growth (of ~45%) is increasing [8].  

Intensive research are focused on increasing transponder interface rates beyond 400 Gb/s for metro and 

long-haul applications, utilizing optical multicarrier techniques such as optical super-channel [9,10], 

spectral slices synthesis multiplexing [11,12], or orthogonal optical time division multiplexing [13,14]. 

By contrast, electrical approaches are more cost-effective for scaling bit rates due to less optical or opto-

electrical components utilized in the transceiver. Employing high-speed digital-to-analogue converters 

(DACs) and analogue-to-digital converters (ADCs), single carrier net data rate of 640 Gb/s [15] was 

achieved in laboratory experiments before the start of PEACE project [16]. With recent advance of 

DACs, coherent interface rates are improved to 900 Gb/s [17]. Short-reach optical systems with direct 

detection are trying to mirror these achievements of coherent transceivers, including utilizing PDM 
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technique [18], sophisticated components (e.g. IQ modulator and high-speed DACs/ADCs) and 

advanced DSP such as Kramers-Kronig algorithm [19] and MIMO equalization [18]. Combining all 

these together, a single carrier 1-Tb/s direct detection system [20] utilizing Stokes vector receiver has 

recently been demonstrated.  

These remarkable achievements of high-speed interface rates show increasing reliance on high-speed 

DACs/ADCs. Subcarrier multiplexing (SCM) technique has been proven useful to generate high-speed 

electrical signals with relaxed bandwidth and effective number of bits (ENOB) requirements on the 

digital analogue converters [21,22], as exemplified by the recent research record of single wavelength 

1.61-Tb/s line rate [23]. By resorting to mature radio-frequency (RF) components and low-speed DACs, 

it also provides cost advantage over conventional all-digital scheme for high baud rate signal generation. 

The DSP complexity of SCM transceivers can be also simplified by getting rid of some functions e.g. 

chromatic dispersion compensation and carrier recovery (using doubly differential encoding [24]). It 

was proposed in 2013 that simple SCM would offer savings of 64% in power consumption when 

compared to the transponders based on the available DSP chips at the time [25]. However, it is ill-

advised to make definitive predictions of the energy saving brought by SCM technique in the face of 

continued development of complementary metal-oxide-semiconductor (CMOS). The design of SCM 

transceivers depends on their targeted market size, which can have totally dissimilar requirements of 

spectral efficiency, cost, and power consumption. 

1.1 Simulation tools  

Computer simulation with the benefits of flexibility, debugging capability, and time saving etc. is an 

effective methodology to evaluate new techniques or systems in communication engineering. This is 

especially the case of fibre-optic applications, as the hardware implementation is always complicated 

and sometimes costly. A number of simulation tools such as VPItransmissionMaker, OptiSystem, and 

RSoft etc. have been developed for photonic device and component design, optical telecom system 

design and network modelling, offering extensive tools and libraries.  

In my thesis, I have chosen MATLAB and VPItransmissionMaker as the main simulation tools. 

Specifically, simulation work in Chapter 3 was carried out using MATLAB during the first year of my 

PhD. The MATLAB software allows me to use ideal and simple models for electrical/optical signal 

generation and detection, and helps me quickly gain simulation experience and skills. To emulate real 

hardware implementation of optical communication systems, I combine MATLAB with 

VPItransmissionMaker through the CoSimInterface for most simulation work in Chapter 4 and 5. 

Specifically, electrical signal generation and processing (after photo-detection) are implemented in 

MATLAB, while optical signal generation, modulation, transmission, and detection are performed 

using complicated but more practical models provided by VPItransmissionMaker.  
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1.2 Thesis Organization  

This thesis focuses on the design and demonstration of high-speed transponders based on analogue 

implemented SCM technique to simplify transmitter-side and/or receiver-side DSP functions for short-

reach, metro, and long-haul applications.  

In Chapter 2, basic concepts and techniques (such as optical signal generation, fibre transmission 

impairments, direct detection, digital coherent detection, and receiver-side DSP flows) required to 

understand the work in this thesis are introduced.  

In Chapter 3, a 144-Gb/s FBMC transceiver using direct detection and simple receiver-side DSP (no 

nonlinearity or dispersion compensation, nor channel equalization) is designed for 2-km ultra-high 

definition television transmission. Nonlinearities from optical modulator and photodetector are 

analysed, highlighting the importance of modulation index optimization in multicarrier direct detection 

system. The performance of the 144-Gb/s FBMC transceiver for both back-to-back (B2B) and 2-km 

SSMF transmission is numerically studied by changing the number of subcarriers and modulation 

indexes. The other high spectral efficiency multicarrier technique (i.e. OFDM) with analogue 

implementation is also considered in the transceiver design. Numerical results show that the 144-Gb/s 

analogue FBMC system is more tolerant to chromatic dispersion than the OFDM counterpart. With 

system cost and complexity taken into account, 8 subcarriers can be utilized in the 144-Gb/s FBMC 

transponder with a transmission penalty of 2.4 dB at bit error rate (BER) of 1×10-3.      

In Chapter 4, high-speed coherent transponders with large frequency offset (FO) tolerance enabled by 

doubly differential (DD) encoding are designed for metro network application with system reach of 80 

km. With system performance, cost and complexity taken into account, a 134-Gb/s DD QPSK 

transceiver using heterodyne detection and simplified receiver-side DSP (no chromatic dispersion 

compensation nor carrier recovery) is firstly introduced. The performance of both B2B and amplifier-

free 80-km transmission at target FOs (within ±2 GHz) is numerically investigated. After that, electrical 

90-degree hybrid assisted TSSB modulation and digital coherent receiver are utilized to increase 

interface rate to 200 Gb/s while maintaining simple receiver-side DSP. Numerical results show 

negligible transmission penalty and performance degradation for the 200-Gb/s DD QPSK signal 

transmission over 80-km SSMF without optical amplification at varied FOs within ±2.3 GHz. To 

combat receiver sensitivity degradation induced by conventional DD encoding, a multi-symbol doubly 

differential (MSDD) scheme is introduced and numerically demonstrated. Finally, to improve spectral 

efficiency and achieve high FO tolerance, a 224-Gb/s (net line rate) coherent transceiver using single-

carrier DD two amplitude/eight-phase shift keying (2ASK-8PSK) is experimentally demonstrated for 

100-km transmission. The linewidth and FO tolerance of different modulation formats are numerically 

compared, and the high FO tolerance enabled by DD encoding is also experimental demonstrated.  
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In Chapter 5, high baud rate SCM transmitters with simplified DSP (no joint sub-band processing nor 

pre-compensation for residual RF tones) for long-haul applications are presented. A 62-GBaud SCM 

16QAM transmitter based on single IQ mixer is firstly discussed and experimentally demonstrated for 

B2B transmission using sub-band coherent receivers. Calibration and compensation techniques for 

transceiver impairments compensation are also introduced. However, optical double sideband 

modulation generates redundant information on one sideband, leading to large implementation penalty 

and low spectral efficiency. To solve these problems, SSB and TSSB modulation (using joint sub-band 

processing or an electrical 90-degree hybrid) are numerically investigated. Hybrid-assisted TSSB 

modulation with the advantages of simpler transmitter-side DSP and less sensitivity to transmitter-side 

impairments is employed to further improve system capacity with an aggregate symbol rate of 86 

GBaud. B2B transmission performance of the 86-GBaud SCM 16QAM signal as well as each sub-band 

signal with/without digital pre-emphasis is evaluated. To compensate for sub-band crosstalk within 

TSSB signal, a real-valued (RV) MIMO (2×2 for single polarization, 4×4 for pol-mux) equalizer based 

on decision-directed least mean square (DDLMS) algorithm is numerically demonstrated. Benefitting 

from the 31-tap 2×2 MIMO equalization, the implementation penalty of the 86-GBaud SCM 16QAM 

transponder is reduced to 2 dB.  

Chapter 6 concludes the main work presented in this thesis and discusses future works. 
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Chapter 2 :  Background  
Fibre optic communication systems typically consist of a transmitter, optical transmission link, and a 

receiver. The optical transmitter performs electrical to optical (E/O) signal conversion with the 

generated optical signal then launched into the fibre link, while the function of the receiver is to 

implement optical to electrical (O/E) conversion and signal demodulation. In this chapter, the principles 

and key technologies of optical communication systems that will be used in the following chapters are 

introduced. 

2.1 Optical transmitter 

2.1.1 Modulation formats  

The first experimental demonstration of optical differential quadrature phase shift keying (DQPSK) 

system using an IQ modulator and optical delay detection [26] achieved doubled data rate with respect 

to traditional intensity-modulation direct detection (IM/DD) system with binary on-off keying (OOK). 

By resorting to DSP-oriented polarization and phase diversity receiver, 100 Gb/s and beyond long-haul 

transmission is demonstrated employing higher-order modulation formats such as 8PSK (3 

bits/symbol) [27], 8QAM (3 bits/symbol) [28], square 16QAM (4 bits/symbol) [29], and 64QAM (6 

bits/symbol) [30]. Different constellation distribution of multi-level modulation formats provides 

different levels of noise tolerance. For example, the cross constellation of star 8QAM [see Figure 2.1(a)] 

with higher packing density achieves better performance against additive white Gaussian noise 

(AWGN) than the aligned constellation [see Figure 2.1(b)] [31]. Apart from this, bit-to-symbol mapping 

also impacts system performance. Gray coding with a single bit difference between two closest 

constellation points (minimum Euclidean distance) is commonly preferred due to less bit errors for a 

given signal-to-noise ratio (SNR). However, it is not suitable for some modulation formats e.g. star 

8QAM with cross constellation shown in Figure 2.1(a), where each inner constellation point has four 

nearest neighbours.  

 

Figure 2.1: Star 8QAM with (a) cross or (b) aligned constellations. 
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2.1.2 Differential bit encoding  

In coherent optical systems, carrier synchronization is commonly implemented for signal recovery. 

However, when the estimated phase errors do not follow the trajectory of the physical phases, the 

induced cycle slips can result in catastrophic bit errors. To combat this problem, phase unwrapping is 

always performed for unbound phase estimation [32]. Alternatively, differential bit encoding [33] with 

data coded on the phase change can be utilized. Here, we introduce the principle of differential bit 

encoding for only QPSK and square 16QAM, which are related to our work in the following chapters.  

In QPSK systems, each symbol encodes two bits. The two parallel output bit streams ( ,	 ) of the 

differential bit pre-coder are given by [34]: 

, , 	 , 	 , , 	 , , , , , , , , ,

, 	 , 	 , 	 , , 	 , , , , , , , , ,
  (2.1) 

where k refers to the bit sequence index,  and  represent parallel input bit streams. Equation (2.1) 

shows that the current absolute phase is associated with the current phase change and the previous 

absolute phase. Correspondingly, differential bit decoding on the decided parallel bit sequences ( , ) 

is performed in the receiver as [34]: 

  , , 	 , 	 , , 	 , , , , , , , , ,

, 	 , 	 , 	 , , 	 , , , , , , , , .
    (2.2) 

 

Figure 2.2: Bit-to-symbol mapping for (a) QPSK before (red) and after (blue) differential bit precoding, and (b) 
differential bit pre-coded 16QAM. 

As illustrated in Figure 2.2(a), Gray coding is still applicable for QPSK before (red constellation points) 

and after (blue constellation points) differential bit precoding. Since data are encoded on the phase 

change, phase rotation ( , 0,1,2,3) on the received symbols due to phase ambiguity only 

results in burst instead of continuous errors. For square QAM with m parallel bit streams 

( , , , … , ), only the first two bit sequences ( , ) are input to the differential pre-coder with 

the same principle as Eq. (2.1), while the residual m-2 parallel bits remain the same, giving output 

parallel bit streams as , , , … , . Correspondingly, the receiver-side differential bit decoding is 

only performed on the first two parallel bit sequences of the received data. Figure 2.2(b) shows bit-to-

symbol mapping for differential bit pre-coded 16QAM. We can see that the first two bits after DD 
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precoding decide the quadrant, while the remaining two bits within the quadrant are rotation symmetric. 

Therefore, phase rotation only affects the first two bits, the impact of which is mitigated after differential 

bit decoding. We may also notice that Gray coding is feasible for the constellation points within each 

quadrant, while it is not possible for the points along the in-phase and quadrature axis.  

2.1.3 Forward error correction 

Forward error correction (FEC) is a key and effective technique to achieve reliable transmission 

performance in high-speed optical communication systems. It protects valid information from being 

corrupted by noise and channel impairments at the cost of adding redundancy (i.e. parity bytes) to the 

transmitted data, resulting in information sequence increased from  bits to  bits after encoding. 

Compared with transmitter-side encoding, FEC decoding in the receiver searches the most likely valid 

codeword for a given data vector, therefore, is more complicated and dominates implementation 

complexity. To quantify the redundancy and its relationship to the information length, overhead is 

commonly used, which can be expressed as: 

 1.  (2.3) 

Here, /  is the coding rate. For a fixed line rate, increasing overhead decreases net data rate. 

Generally speaking, a larger overhead is required if the channel is "noisier". Coding gain (CG) or net 

coding gain (NCG), depending on whether penalty induced by the increased bit rate is considered or 

not, can be employed to describe the performance improvement brought by FEC. High NCG indicates 

better error correction capability of the code.  

The development of FEC can be classified into three generations. Classical hard decision (HD) 

codewords e.g. Reed-Solomon (RS) are mainly implemented in the first generation FEC. RS (255.239) 

with 6.7% overhead is one of the most popular coding, which has been standardized with a provided 

NCG of about 6 dB for a post-FEC BER of 10-15. In the second generation FEC, HD is still utilized but 

in combination with more complicated algorithms (e.g. concatenated codes) in order to achieve higher 

NCG (8-10 dB). The overhead is also increased from 6.7% to 25%. The third generation FEC aims at 

the advent of more powerful coding to obtain NCG over 10 dB, biasing the use of soft-decision and 

iterative decoding. Compared with HD, soft-decision decoding using additional soft bits provides 

"confidence factor" for the decision, enabling 1-2 dB additional NCG. 

2.1.4 Performance comparison between modulation formats 

A typical performance metric used to evaluate the performance of optical communication systems is 

the BER. When Gray coding is employed for symbol mapping of 2m constellation points with equal 

probability, the most likely symbol error happens between two nearest points, which only results in a 

single bit error. In this case, the pre-FEC BER is 1/m of the symbol error rate. For an M-ary square 
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QAM signal with Gray coding transmission over AWGN channel, the pre-FEC BER can be expressed 

as a function of SNR [35]: 

                                1 1 2 1
√

∙ ,   (2.4) 

where the  function is given by: 

 
√

.  (2.5) 

In the context of high SNR or high modulation order (i.e. large M), Eq. (2.4) can be approximately 

written as [36]:  

 √ ∙ .  (2.6) 

However, for square QAM (m bits/symbol, m is even) with differential bit encoding, an extra 

performance penalty is expected due to non-Gray coding for the constellation points along the in-phase 

and quadrature axis. Therefore, a penalty factor  needs to be included when calculating the BER, and 

is given by [33]:  

 1
/
/ .  (2.7) 

The pre-FEC BER of differential bit encoded square QAM at high SNR can be herein obtained as: 

 ,
√ ∙ .  (2.8) 

Equation (2.6) and (2.8) are also suitable for the QPSK ( 4, 2  case at high SNR, showing 

doubled pre-FEC BER for differential bit encoding. We may notice that differential bit decoding is 

implemented after symbol de-mapping and is different from conventional differential decoding for 

DQPSK, which performs one symbol delay detection before symbol decision. For DQPSK transmission 

over AWGN channel with conventional differential decoding, an approximated pre-FEC BER (< 10−2) 

calculation is given by [37]: 

 BER
√

erfc
√

,  (2.9) 

where 	and  are associated with SNR as: 

 
SNR 1

√
,

SNR 1
√

.
 (2.10) 

We numerically study the performance of different modulation formats (QPSK, 16QAM and 64QAM 

with Gray coding or differential bit encoding) in the context of AWGN, and compare with the 

aforementioned theoretical pre-FEC BERs. As shown in Figure 2.3, all simulated BERs (denoted as 

symbols) agree well with theory and the required SNR at BER of 1×10-3 for square QAM with/without 

differential coding significantly increases with the format order as expected. Comparing Gray-coded 

QPSK (green dots) with differential bit encoded QPSK (blue squares), 0.6-dB performance degradation 

is observed. By contrast, DQPSK with conventional one-symbol delay detection (we call differential 
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symbol encoding) suffers from an additional 1.8 dB SNR penalty at BER of 1×10-3 due to enhanced 

noise power. We can also observe that the performance penalty induced by differential bit encoding 

decreases with the number of constellation points, as indicated by the penalty factor F in Eq. (2.7). This 

makes differential bit encoding more attractive to higher-order QAM systems to combat cycle slips.  

 

Figure 2.3: BER performance of QPSK, 16QAM, and 64QAM with Gray coding or differential bit/symbol 
encoding. “D” in legend represents differential cases (squares and triangles for differential bit and symbol 
encoding respectively). 

2.1.5 Digital-to-analogue converter 

As indicated by the name, the functionality of DACs is to convert digital signal into analogue. Due to 

finite resolution (also referred as the number of input bits) of the DACs, the varieties of analogue output 

voltage levels are limited. As shown in Figure 2.4(a), the ideal transfer characteristic of a unipolar 3-bit 

DAC is a number of discrete values instead of a line with infinite resolution, and each value of the eight 

unique analogue voltages is fraction of the full scale range. The output voltage difference due to actual 

finite resolution characteristic results in quantization error.  

The performance of real DACs is also impaired by static, dynamic effects, and noise. The static 

impairments include offset and gain error, integral nonlinearity (INL), as well as differential 

nonlinearity (DNL). As depicted in Figure 2.4(b), offset error indicates the mismatching between the 

actual and ideal analogue output response at all zero input bits, while gain error tells how well the actual 

transfer function slope matches with the ideal one. Both errors can be mitigated using proper calibration 

techniques. In terms of static nonlinearity, DNL measures the separation between adjacent output levels 

in least significant bits (LSB), with regard to the ideal DAC response (1 LSB). By contrast, INL 

indicates the output difference between the real and ideal DAC characteristic [Figure 2.4(b)]. Both INL 

and DNL are measured after compensation for gain and offset error. 
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Figure 2.4: (a) Transfer function of an ideal 3-bit unipolar DAC, (b) static errors for a 3-bit DAC. 

The sample and hold technique is widely deployed for DAC operation nowadays, which can be 

triggered by the rising or falling edge of the clock signal. Since the transient time of a practical clock 

signal is nonzero, digital circuits suffer from uncertainty to identify the clock state either low or high, 

resulting in lag or lead from the ideal sampling. This difference is known as aperture jitter. The sampled 

discrete-time signal convolves with the rectangular pulse in time domain, which is a Sinc function in 

frequency domain with zeros at multiples of the sampling frequency. Therefore, the final output signal 

is bandwidth limited by both the actual low-pass characteristic of the DAC and the Sinc response, which 

can be alleviated with digital pre-emphasis. To sufficiently suppress the images, oversampling and anti-

aliasing filters can be employed. 

Total harmonic distortion (THD), spurious free dynamic range (SFDR), SNR, signal-to-noise-and-

distortion (SINAD) ratio, and ENOB are popular metrics to quantify the DAC dynamic performance. 

THD (in dB) measures the Root Mean Square (RMS) ratio between all the harmonic components that 

can be distinguished from the noise floor (including their aliases), and the fundamental component at 

the input frequency. SFDR also indicates the DAC linearity by measuring the amplitude difference 

(usually specified in dBc) between the fundamental tone and the largest spur at a specified frequency 

band. For SNR and SINAD, the difference is whether the harmonics are included or not. ENOB 

indicates the required bits of an ideal DAC in terms of the same SINAD measured from the real DAC, 

and is related to SINAD (in dB) through: 

 ENOB
.

.
.  (2.11) 

Here, 1.76 is attributed to the quantization error in an ideal DAC, while 6.02 is the conversion difference 

from decibels (log10) to bits (log2). Since SINAD commonly degrades due to high-frequency distortion, 

ENOB decreases with input signal frequency. 
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2.1.6 E/O conversion 

The simplest and most cost-effective approach to realize E/O conversion is using directly modulated 

lasers (DMLs). Nevertheless, the maximum achievable system capacity and performance are limited by 

the modulation bandwidth, frequency chirp, and relative intensity noise of DMLs, requiring powerful 

DSP algorithms to combat these problems. By contrast, external modulation using electro-absorption 

or electro-optical modulators provides larger modulation bandwidth and allows low chirp or chirp-free 

modulation. Especially, electro-optical modulators with Mach-Zehnder design offer higher extinction 

ratios than the DMLs and electro-absorption modulators. Lithium niobate (LiNbO3) Mach-Zehnder 

modulators (MZMs) with the advantages of large electro-optic response, good temperature stability, 

and high intrinsic bandwidth have been widely used in today’s 100G deployment [38].  

Figure 2.5 illustrates the basic concept of a typical LiNbO3 MZM, which consists of an optical 

interferometer with different phase shifts controlled by the driving electrical signals. Due to the electric-

optic effect, the phase changes in the upper and lower arms of the MZM are related to the driving 

voltages as [34]: 

 ,
,

,
,
				            (2.12) 

where ,  and ,  refer to the half-wave voltages of the upper and lower arm respectively. Two optical 

fields of both braches interfere with each other constructively or destructively (depending on the 

induced phase changes) at the output. 

1( )u t

2 ( )u t

2( )t

1( )t

 

Figure 2.5: Basic configuration of a LiNbO3 MZM. 

Assuming ideal Y-splitters without insertion loss and the same half-wave voltages for both arms (i.e. 

, , ), the field transfer function of the LiNbO3 MZM is obtained as: 

 	 exp j 	∙ cos .             (2.13) 

Although independent phase modulation for two arms can be achieved in a dual-drive MZM [39], we 

restrict  here. Equation (2.13) shows that pure phase modulation is achieved when the 

MZM is working at push-push mode i.e. . The consequent field transfer function 

is given by: 

 .                     (2.14) 
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However, most MZMs nowadays are operating at push-pull mode i.e. /2	due 

to better performance enabled by chirp-free modulation. In such case, only amplitude modulation is 

generated and the transfer function can be expressed as:  

 cos	 cos ∙ ,                        (2.15) 

where  is the DC bias and  refers to the RF driving voltage. The corresponding intensity 

transfer function of the push-pull MZM can be expressed as: 

 
∙ 	

.      (2.16) 

The characteristics of both transfer functions at two different operations are given in Figure 2.6, where 

the observed period of the intensity transfer function is half of . As shown in Figure 2.6(a), 

when the push-pull MZM is biased at quadrature point ( /2) with RF driving voltage swing of 

, the intensity transfer function changes between 0 and 1, indicating the achievement of intensity 

modulation. Null point operation (i.e.	 ) with a peak-to-peak RF driving voltage of 2  in 

Figure 2.6(b) induces π phase shift to the output optical signal every time when the driving voltage 

crosses the null point, giving field amplitude modulation.  

πV πVπ2V π2V
( )u t

πV

πV πVπ2V π2V
( )u t

π2V

 

Figure 2.6: Optical filed and intensity transfer functions of single push-pull MZM operating at (a) quadrature 
point and (b) null point. 

For high-order modulation formats with both in-phase and quadrature information, an optical IQ 

modulator with two push-pull MZMs in a nested MZM configuration (see Figure 2.7) can be utilized. 

In coherent optical systems, both push-pull MZMs are biased at null points (i.e. , , , ,

, ) with a 90º optical phase shift introduced by applying a phase bias of , . Here, , , , , and 

,  are half-wave voltages of MZM_I, MZM_Q and phase modulator respectively. The consequent 

optical field transfer function of an ideal LiNbO3 IQ modulator can be written as: 

 sin
,

, jsin
,

, .  (2.17) 

This indicates that simultaneous amplitude and phase modulation can be realized by applying proper 

RF driving signals to the optical IQ modulator. For example, when ,  and ,  are varying between 



 
 

28 
 

,  and	 , , the transfer function in Eq. (2.17) becomes , which shows that QPSK modulation 

with four different phases ( , , , ) is achieved. However, the nonlinear (sine) transfer function of 

the LiNbO3 IQ modulator in Eq. (2.17) may degrade system performance when higher-order modulation 

formats (e.g. 16QAM, 64QAM etc.) with reduced Euclidean distance are utilized.  

out ( )E t

dc, IVrf, IV

in ( )E t

dc, QVrf, QV

dc, phaseV

 

Figure 2.7: Basic schematic of a standard push-pull optical IQ modulator. 

In order to circumvent the detrimental effect induced by the sine transfer function of the LiNbO3 IQ 

modulator, an inverse field transfer function (arcsine) can be applied digitally to the signal in the 

transmitter-side DSP. Specifically, RF driving voltages for MZM_I and MZM_Q after two DACs (the 

terms inside big brackets) and driver amplifiers are given by: 

 
, G ∙ ,

∙
arcsin ,

, G ∙ ,

∙
arcsin .

  (2.18) 

Here,  and  represent real and imaginary part of the desired signal, G  and G  refer to 

the gain for I and Q channels respectively. Substituting Eq. (2.18) to (2.17), we obtain a linear E/O 

conversion with both in-phase and quadrature information as: 

 _ j .              (2.19) 

To further improve system capacity and spectral efficiency, dual-polarization IQ modulators are 

employed. Inside the modulator package, a polarization maintaining 3-dB splitter firstly splits the input 

optical signal into two parallel IQ modulators. The two independently modulated optical signals are 

then combined into a single output fibre with orthogonal polarizations through a polarization combiner.  

2.2 Fibre channel impairments 

Optical fibres with superior advantages such as light weight, low loss, large bandwidth, and immunity 

to electromagnetic interference are widely deployed for telecommunication nowadays. The fibre 

channel impairments mainly include fibre loss, chromatic dispersion, polarization mode dispersion 

(PMD), and Kerr nonlinearity. As the demonstrated transmission distance of signals generated utilizing 

different scenarios presented in this thesis is up to 100 km, two main transmission impairments (i.e. 

fibre loss and chromatic dispersion) are introduced in this chapter. 
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2.2.1 Fibre loss 

Rayleigh scattering and material absorption are the two primary reasons for fibre loss [40]. For an 

optical signal propagating along the fibre, the optical power at length  can be expressed as: 

 , 0, ,              (2.20) 

where α is a wavelength-dependent attenuation coefficient (Np/m). As SSMF exhibits minimum loss 

(~4.61×10-5 Np/m i.e. 0.2 dB/km) in the wavelength region near 1550nm [41], C band (1530-1565 nm) 

optical signals are quite attractive for optical communications (especially for long-haul transmission). 

By contrast, 1310-nm band optical signals suffer from higher fibre loss (~8.06×10-5 Nb/m i.e. 0.35 

dB/km) but much lower dispersion (zero dispersion for wavelengths from 1302-1322 nm), therefore, 

are more popular for short reach (up to 10 km) applications [42].  

To compensate for the transmission loss, different kinds of optical amplifiers such as erbium-doped 

fibre amplifiers (EDFA), Raman amplifiers, fibre optical parametric amplifiers, etc. are employed. 

Especially, EDFAs supporting wideband optical amplification with a relatively flat gain have been 

widely deployed in wavelength division multiplexing (WDM) systems, which yet degrade SNR of the 

original optical signal due to introduced amplified spontaneous emission (ASE) noise. In an N-span 

optical transmission system with an equal span length of L, the amplification gain of EDFA is usually 

set to be equal to the transmission loss. The accumulated ASE noise power density (on both 

polarizations) can be calculated as: 

 ∙ 2 1 .   (2.21) 

Here,  is the spontaneous emission factor,  is the Planck constant, and  is the optical frequency.  

2.2.2 Chromatic dispersion 

When an optical pulse propagates along the optical fibre, chromatic dispersion causes pulse broadening 

due to frequency-dependent propagation speeds, which are governed by the propagation constant : 

 	 ⋯
!

.  (2.22) 

Here,  is the reference propagation constant at the reference optical angular frequency of ,	

 is the group delay, 	  describes the pulse broadening level and is associated with the 

dispersion parameter D (ps/km/nm) through: 

 . (2.23) 

The third-order dispersion parameter  is related to the dispersion slope S=	 /  as: 

 .  (2.24) 

For C band signal transmission over SSMF, high-order ( 3) dispersion parameters are commonly 

ignored, while special attention needs to be paid to large-bandwidth (>10 nm) signal with long 

transmission distance due to increased dispersion slope impact [43]. Chromatic dispersion can be 
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compensated either optically (e.g. using dispersion compensation fibres [44] or fibre Bragg 

gratings [45]) or digitally (utilizing advanced DSP algorithms [46–48]). Compared with the optical 

solutions, digital chromatic dispersion compensation (to be introduced in Section 2.4.2) provides more 

flexibility and allows wider bandwidth operation without insertion loss nor nonlinearity.  

2.3 Optical Receiver 

2.3.1 Photodetector 

A main component for the optical receiver is the reversely biased photodetector, which typically is p-i-

n or avalanche photodiode with an internal current gain. Here, we only consider p-i-n photodiodes, in 

consistent with the work in chapter 3. The electrical current at the output of a p-i-n photodetector can 

be written as: 

 ,  (2.25) 

where  is the generated photocurrent at time  and is proportional to the incident optical signal 

power  [40]: 

 ∙ .  (2.26) 

 is the responsivity of the photodiode (in A/W) and is related to the quantum efficiency 	through: 

 
∙ ∙

.
,  (2.27) 

where  is the electron charge. For semiconductor photodiodes, the quantum efficiency  is associated 

with wavelength through the absorption coefficient. Especially, when the energy of the incident photon 

is smaller than the bandgap energy,  drops to zero. In the case of constant incident optical power,  

can be regarded as the average current. The second term ( ) in Eq. (2.25) is the dark current, which 

arises from thermally generated electron-hole pairs or stray light and is inherent of photodiodes 

(independent of the optical signal).  and  represent the current fluctuation induced by two 

fundamental receiver noise (i.e. shot noise and thermal noise) respectively. Shot noise originates from 

the particle nature of electrons, while thermal noise results from the thermal motion of electrons. Both 

noises can be approximated as white noise with two-sided spectral density respectively expressed 

as [40]: 

  
,

												 ,
 (2.28) 

where  is the Boltzmann constant,  is the absolute temperature, and  is the load resistor. 

Integrating respective spectral density over the effective noise bandwidth gives the corresponding noise 

power. We can see from Eq. (2.28) that thermal noise is independent of the optical signal power. 
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2.3.2 Analogue-to-digital converter 

In contrast to the DACs, ADCs convert analogue signal into digital domain. The associated 

characteristics, specifications, and performance metrics are quite similar to that of the DACs introduced 

in Section 2.1.5. It is worth noticing that there are some differences between the DACs and ADCs. 

Comparing Figure 2.4 with 2.8, we can notice that the characteristic of an ideal 3-bit ADC has a stair 

shape instead of discrete values (for DAC), and the static errors are measured horizontally (while 

vertically for DACs).  

 
Figure 2.8: (a) Offset error and gain error, (b) integral nonlinearity and differential nonlinearity of an ideal 3-
bit unipolar ADC. 

2.3.3 Direct detection 

The simple implementation of direct detection using a single-ended photodiode made it a dominate 

detection method in the 1990s when only amplitude information was recovered due to the square-law 

detection principle. The subsequent appeared digital coherent detection replaces direct detection in 

long-haul transmission systems due to full-dimension information recovery and improved transmission 

performance enabled by powerful DSP. However, the inherent simplicity and colourless characteristic 

of direct detection enable low-cost uncooled transceivers, making it more attractive for short-reach 

applications nowadays.  

One fundamental challenge for direct detection systems is to access full field (not only intensity) so that 

system capacity can be increased by employing multi-dimensional modulation formats. The general 

solution is to mix the desired signal with an optical reference, which is transmitted together with the 

signal. This kind of detection is known as self-coherent detection. Nevertheless, signal-signal beating 

interference (SSBI) caused by square-law detection degrades system performance. An offset SSB 

approach [49] that inserts a frequency gap (not smaller than the signal bandwidth) between the signal 

and optical reference mitigates SSBI impact at the expense of spectral efficiency. To bypass the use of 
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spectral gaps, digital algorithms based on single stage [50], two stages [51], iterative processing [52], 

or Kramers-Kronig [53] are employed and achieve good compensation gain.  

To further increase bit rates of direct detection systems, polarization multiplexed field recovery is highly 

desirable. However, generating proper orthogonal optical carriers is quite challenging for self-coherent 

detection, as the polarization state of the transmitted optical carrier is unknown and changes with time. 

In the most extreme case, one local axis may experience complete carrier fading, leading to channel 

singularity. The polarization-diverse direct detection in [54] utilizes a polarization controller to achieve 

equal optical carrier intensity for two receive paths after polarization beam splitter (PBS), requiring 

dynamic polarization control for practical implementation. In terms of self-polarization diversity direct 

detection [55], the polarization of the optical carrier on one receive path is rotated by 90 degree through 

a Faraday rotator mirror [56]. However, it is challenging for such static polarization rotator to generate 

orthogonal optical references with arbitrary input polarization. Alternatively, Stokes vector 

receivers [20,57,58] have been widely investigated for polarization-diverse direct detection. Different 

from the digital coherent receiver using a 2×2 Jones matrix for polarization rotation, such receiver 

performs polarization recovery in Stokes space based on four intensity-detected signals and a 3×3 

MIMO equalizer.  

2.3.4 Coherent detection 

Coherent (homodyne and heterodyne) detection were widely investigated in the 1980s due to improved 

shot-noise-limited receiver sensitivity, which enabled a longer regenerator spacing in the regenerated 

networks. However, the associated development and research are interrupted for almost 20 years. On 

one hand, rapid progress in IM/DD systems benefiting from WDM and EDFA makes sensitivity 

improvement brought by coherent detection less attractive. On the other hand, restoring amplitude, 

phase, and polarization states from optical signals presents challenges on coherent detection and results 

in a much more complicated configuration than direct detection. Nowadays, most coherent receivers 

are based on intra-dyne (or digital coherent) detection, which combines the advantages of heterodyne 

(optical phase locking is not required) and homodyne (minimum required receiver bandwidth) 

detection. 

As shown in Figure 2.9, optical front-end of an intra-dyne receiver typically consists of a high-quality 

local oscillator (LO), two PBSs, a pair of optical hybrids, four balanced photo-detectors (BPDs), and 

four ADCs. Optical hybrids introduce 90° phase shift to the LO on each polarization, with the combined 

optical fields input to the BPDs given by: 

 

, , , ,

, , j , ,

, , , ,

, , j , ,

   (2.29) 
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where , , , ,	 ,  and ,  respectively represent the optical field of the signal and LO after two 

PBSs. BPDs can effectively mitigate SSBI impact. The four output photocurrents (without considering 

receiver noise) are achieved as [59]: 

 

cos ,

sin ,

cos ,

sin .

 (2.30) 

Here,  and  represent the power ratio and phase difference between the two polarization components 

respectively. The power, frequency, and phase of the received signal are denoted as ,	 , and  

respectively, with the similar meaning of , , and  for the LO. From Eq. (2.30), we can 

see that a complex-valued signal can be reconstructed in a polarization-independent way by performing 

complex addition on the sampled signals (after ADCs). With advanced DSP algorithms for transceiver 

and transmission impairments compensation, full-dimension (phase, amplitude, and polarization) signal 

recovery can be realized.  

s,xE

s,yE

LO,yE

LO,xE

 

Figure 2.9: Basic configuration of a digital coherent receiver. CD Comp: chromatic dispersion compensation. 

2.4 DSP in digital coherent receiver 

In commercial transceivers, DSP is implemented within an application-specific integrated circuit 

(ASIC), while in most reported laboratory experiments and also in our thesis, the digitised data obtained 

through the ADCs are processed offline. The conventional receiver-side DSP flows in the digital 

coherent receiver are depicted in Figure 2.9. Resampling to 2 Samples/symbol is commonly performed 

before digital filters such as (root) raised cosine, Gaussian, Bessel, etc. (depending on specific system), 

which are utilized to suppress out-of-band noise or maximize the SNR.  

2.4.1 IQ imbalance compensation 

As shown in Eq. (2.30), I channel (cosine term) is ideally orthogonal to Q channel (sine component). 

However, implementation imperfections such as the imbalance of the DACs, non-ideal biases of the IQ 
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modulator, imperfect splitting ratio and delay of the optical hybrid, or different responsivities of the 

BPDs, etc. result in non-orthogonality between the two channels (per polarization) in the receiver. A 

conventional algorithm for IQ imbalance compensation is the Gram-Schmidt orthogonalization 

procedure (GSOP) [60]. For each polarization, the output new pair of orthogonal components [  

and ] are generated from the received non-orthogonal signals [  and ] utilizing the 

following operations [61]: 

 

〈 〉
																											 ,

〈 〉∙

〈 〉
,

〈 〉
																											 ,

																										

 (2.31) 

where 〈∙〉  represents the ensample average operation. The Gram-Schmidt algorithm has been 

demonstrated to be an effective solution for IQ imbalance in PDM QPSK [61,62] and 16QAM 

systems [63]. However, the increased quantization noise results in displaced noise distribution, 

presenting challenge on its application to higher-order modulation formats, which are more sensitive to 

quadrature errors. 

2.4.2 Chromatic dispersion compensation 

Generally, chromatic dispersion compensation can be implemented either in frequency domain [46,47] 

or in time domain [48], depending on the accumulated channel dispersion and the consequent filter 

length. The inverse transfer function of a dispersion channel with link length of L and dispersion 

parameter D at a reference optical wavelength of  (ignoring high-order dispersion parameters) can be 

expressed as: 

 exp	 j .  (2.32) 

Here,  refers to the angular frequency of the resampled signal,  is the speed of light. Therefore, the 

frequency-domain CD compensation can be realized utilizing Fast Fourier Transform (FFT) to convert 

the sampled signal into frequency domain, applying the phase correction term (Eq. 2.32), and then 

converting back to time domain with inverse FFT (IFFT) operation. To mitigate inter-block 

interference, the overlap length  between blocks in the overlap-save algorithm should be large 

enough, which is related to the accumulated dispersion as [64]: 

 .   (2.33) 

Here,  refers to the maximum frequency of the received signal, and  represents the sampling rate 

of the signal. A larger FFT size (NFFT, NFFT>M) may improve operation efficiency, whilst the complexity 

and required hardware memory are also increased.  

Regarding time-domain CD compensation, both finite impulse response (FIR) and infinite impulse 

response (IIR) filtering can be utilized. Despite lower tap length provided by IIR filter, the inherent 
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feedback presents challenges on the parallelized implementation. Therefore, FIR filters are commonly 

employed. Performing inverse Fourier transform on Eq. (2.32), the impulse response of the CD 

compensation filter can be obtained as [48]: 

 exp j . (2.34) 

To avoid aliasing, this response can be truncated at the Nyquist frequency. The resulting FIR filter with 

designed tap weights given by [48]: 

 

2
| |

1																,

																						 ,

exp j ,
																						

 (2.35) 

can be applied to the received signals sampled at 1/T. Here,  gives the nearest integer less than or 

equal to .   

2.4.3 Clock recovery 

Clock recovery is performed to correct frequency and phase difference between the clocks in the 

transmitter and receiver, and interpolate the sampled signal to the desired time instances. This ensures 

proper operation of the following channel equalization and carrier recovery. A key component of clock 

recovery is the timing-error detector, which measures the phase error between the sampling time and 

the resampled data instantaneously. The well-known Gardner scheme [65] detects the error signal from 

the in-phase and quadrature information of the sampled sequence (at 2 Samples/symbol) using: 

 2 ∙ 2 1 2 1 2 ∙ 2 1 2 1 . (2.36) 

Equation (2.36) can be rewritten as: 

 2 1 2 1 ∙ ∗ 2 , (2.37) 

where j , ∙  represents real part extraction operation, ∗ refers to conjugation. 

Alternatively, the phase error can be also achieved using Gardner scheme in the frequency domain [66]: 

 2 ∙ ∗ . (2.38) 

Here,	 ∙  means extracting imaginary component,  is the FFT of , and N is the FFT size. 

These timing error detectors utilizing signal components above and below Nyquist frequency fail in 

Nyquist systems with low roll-off factor due to lack of spectral components above Nyquist frequency.  

To combat this problem, a 4th-power time-domain phase detector [67] is proposed, with signal power 

( | | ) utilized to detect the phase error:  

 2 1 2 1 ∙ 2 .   (2.39) 

To reduce latency in the context of frequency-domain CD compensation, a frequency-domain 4th power 

phase detector [68] employing the power of frequency bins is proposed. This scheme achieves lower 
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jitter performance (regardless of the roll-off factor) than the time-domain counterpart and conventional 

Garden scheme at the cost of increased complexity. In case of large chromatic dispersion, different 

propagation speeds of the frequency bins degrade clock phase sensitivity, requiring a frequency-

dependent phase rotation in phase error estimation [69].  

2.4.4 Adaptive equalization 
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Figure 2.10: Adaptive equalizers with (a) conventional 2×2 MIMO configuration utilizing four butterfly-
structured complex-valued FIR filters, (b) 4×4 MIMO configuration with sixteen RV FIR filters. 

Dynamic channel impairments such as polarization state and PMD can be compensated by adaptive 

equalizers, which are conventionally performed with four butterfly-configured complex-valued FIR 

filters [hxx, hxy, hyx, hyy in Figure 2.10(a)] to estimate the Jones matrix of the transmission channel and 

apply the inversed estimation to the signal. The filter weights are updated based on the gradient with 

respect to each weight. Based on different cost function definitions, constant modulus algorithm 

(CMA) [70], radius directed algorithm (RDA) [71], DDLMS algorithm [72], and training based 

algorithm [73] have been applied to different modulation formats.  

Table 2.1: Error estimation in different gradient algorithms. 

Algorithm Type Error estimation 

CMA 1 | | ,                    1 | |  

RDA | | | | ,     | | | |  

DDLMS ,               
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Training based ,                       

Table 2.1 lists the error calculation related to different algorithms. ∙  and ∙  represent modulus 

calculation and symbol decision respectively.  and  refer to the training sequences for  and y 

polarization. From Table 2.1, we can see that both CMA and RDA utilizing modulus references are 

independent of signals’ phase, indicating the partition of carrier recovery. The CMA with only one 

modulus reference for error calculation is more suitable for constant modulus formats (e.g. QPSK [74]) 

and is found to be quite useful as pre-convergence before switching to other algorithms for steady-state 

performance improvement. Employing multiple modulus references, RDA enables better performance 

for high-order QAM (e.g. 16QAM [72]) than CMA. The error estimation in DDLMS and training based 

algorithms relies on symbol decision, therefore, carrier recovery needs to be included in both equalizers. 

The advantage of minimum tracking error makes them more attractive in higher-order QAM (e.g. 

32QAM [75] and 64QAM [76]) systems. Nevertheless, the use of decision feedback presents more 

challenges on their final ASIC implementation than the decision-independent equalizers.  

In high-speed Nyquist systems utilizing low roll-off factors and high-order modulation formats with 

high symbol rates, IQ imbalance and skew can degrade system performance severely. These 

impairments cannot be compensated by the complex-valued adaptive equalizers, since in-phase and 

quadrature channels are processed jointly. To combat this problem, 4×4 RV adaptive equalizers have 

been proposed. The configuration is shown in Figure 2.10(b), where four butterfly-structured RV FIR 

filters are employed to replace each complex-valued FIR filter in Figure 2.10(a). The aforementioned 

algorithms are still practicable to update filter weights, but requiring complex addition of the real and 

imaginary equalizer outputs to estimate errors for each polarization [77–79].  

2.4.5 Frequency offset compensation 

In coherent receivers, frequency and phase synchronization between the lasers in the transmitter and 

receiver is required in order to recover complex-valued data. To reduce computational load, FO and 

phase noise are commonly processed sequentially, which also enables unbiased phase estimators due to 

largely compensated FO [73]. In terms of FO compensation, a well-known feedforward approach is the 

phase differential Mth-power algorithm [80], which is widely implemented in M phase shift keying (M-

PSK) coherent systems. Specifically, Mth-power operation removes phase modulated data and FOs are 

obtained from the averaged phase differences between two consecutive data-erased symbols. The 

principle can be mathematically expressed as [80]: 

 
∆ arg ∑ ∗ ,

exp 2 ∆ 																														 .
 (2.40) 

Here, arg ∙  and * represent argument extraction and conjugate operation respectively,  and refer 

to the input and output symbol at time index ,  is the symbol duration, N is the averaging window 

size. Equation (2.40) shows that the algorithm complexity increases with the phase modulation order.  
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Alternatively, FO can be estimated by finding the frequency component with maximum power from the 

FFT spectrum of the data-erased signal (through Mth-power processing). Due to decreased mean square 

error (on FO) from 1/  to 1/ , FFT-based algorithm generally achieves more accurate FO estimation 

than conventional Mth-power approach. For high-order square QAMs, π/2-rotational symmetry enables 

non-zero constant amplitude after 4th-power operation. Therefore, 4th-power FFT-based algorithm can 

be used for FO compensation in square QAM systems, and the principle can be expressed as [81]: 

 
∆ arg	 max

∈ ,
∑ ,

exp 2 ∆ 																										 .

 (2.41) 

Equation (2.41) shows that the accuracy of estimated FO is limited by the spectral resolution ( / ,  

is the sampling rate and N is the FFT size). A large number of FFT size enables reasonable accuracy at 

the cost of increased computational complexity. Some efforts have been made to simplify the FFT-

based FO estimation for high-order QAMs, e.g. using low-sampled 4th-power FFT-based algorithm for 

coarse FO estimation and then implementing gradient-descent algorithm [82] or interpolated discrete 

Fourier transform [83] for fine searching.  

In the aforementioned schemes, the detectable FO range is limited to ± BaudRate/(2M) due to the Mth-

power operation and the arg{·} function with output phase between −π and π. To extend FO tolerance 

range, unwrap function which ensures phase difference between adjacent symbols less than π/M can be 

utilized [84]. Decision-aided (DA) algorithms [85,86] using symbol decision (assisted by previously 

estimated phase error) for data removal allow FO compensation independent of modulation formats. 

The elimination of Mth-power operation also reduces computational complexity and extends FO 

tolerance range from ±BaudRate/(2M) to ±BaudRate/2. 

2.4.6 Carrier phase noise compensation algorithms 

A simple approach to deal with phase noise is employing one-symbol delay phase differential 

operation [87], which yet degrades system performance due to enhanced noise power before symbol 

decision. Alternatively, non-decision-aided (NDA) or DA algorithms can be utilized for phase noise 

compensation.  

A well-known NDA feedforward algorithm is the Mth-power algorithm, which erases modulated phase 

by raising Mth power on the M-PSK signal and mitigates additive noise impact through a filter [88]. The 

filter can be performed in a block-window filtering or a gliding-window filtering manner. For the 

former, the estimated phase is applied to all the symbols within the same block, and the associated 

principle in the case of an equal-tap-weight filter can be expressed as: 

 
arg ∑ ,

																																									 ,
 (2.42) 
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where  is the block size,  is the input symbol at time index , and  returns the nearest integer 

equal to or larger than q. A typical example for gliding window filtering is Viterbi-Viterbi phase 

estimation [89], where the estimated phase is only used for the central symbol of each block and is 

given by: 

 arg ∑ /
/ .  (2.43) 

Here,  is the gliding window size (positive odd) in Viterbi-Viterbi method. In the case of small 

phase noise, phase estimation error induced by additive noise can be decreased by increasing the block 

size. However, a large block size may degrade estimation accuracy when phase noise is fast-varying. 

Therefore, block sizes for both implementations need optimization in order to balance phase noise and 

additive noise impact [90]. The Mth-power algorithm is also extended for square QAM systems, using 

equal phase spaced symbols for phase estimation [91]. However, the use of partial received symbols for 

phase noise compensation reduces laser noise tolerance.  

In [92], a two-stage phase estimator utilizing a DA algorithm and a linear filter is proposed for 

application in higher-order QAM systems. Despite the capability of modulation-independent phase 

noise compensation, the extended feedback delay in practical circuit implementation may result in 

severely degraded linewidth tolerance. By contrast, DA blind phase noise compensation algorithm [93] 

realizes robust phase recovery for arbitrary QAM modulation without requiring decision feedback. 

Specifically, if the modulation format has rotational symmetry of  (e.g. π/2 for square QAM), B trial 

phase rotations are applied separately to 2N+1 consecutive symbols. The rotated test symbols are then 

fed into a decision device ( ∙ ) to calculate the squared error between the rotated symbols and the 

corresponding symbol decisions. The optimum phase is achieved by searching the lowest	   [93]: 

 
∑ ,

,																									 1,2, … , .
 (2.44) 

Compared with constellation partition method [91], blind phase estimation algorithm utilizes all 

received symbols can achieve larger linewidth tolerance, but is computationally expensive (e.g. 64 test 

phases used in [93]). 

2.5 Conclusion 

In this chapter, the basics of optical communication systems have been briefly introduced. High-order 

modulation formats coupled with digital coherent detection is an effective solution to improve system 

capacity, yet requiring a high SNR channel. FEC with either hard or soft decision has achieved different 

levels of NCG, and becomes a key technique in nowadays high-speed optical communication systems. 

Differential bit encoding for cycle slips mitigation on differential modulation formats is discussed and 

numerically investigated. The DACs’ characteristics and impairments is also introduced. After this, the 

principle of a push-pull LiNbO3 MZM is explained mathematically, laying the foundation of bias tuning 

in Chapter 5. Only loss and chromatic dispersion are considered as two main transmission impairments, 



 
 

40 
 

since link lengths in this thesis are limited up to 100 km. For the receiver, the development of direct 

detection systems and the principle of digital coherent detection as well as conventional DSP algorithms 

are introduced. 
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Chapter 3 :  144-Gb/s SSB FBMC 

Transceiver for 2-km Transmission 

 

T. Zhang, M. McCarthy, S. Sygletos, F. Ferreira, and A. Ellis, "Single sideband FBMC system for 2-

km SMF transmission," in Asia Communications and Photonics Conference 2016, OSA Technical 

Digest (online) (Optical Society of America, 2016), paper AS1B.2. 

 

3.1 Introduction 

As the most significant advance in optical transceiver technologies over the past decade, digital coherent 

systems exploiting all degrees of freedom (amplitude, phase, and polarization) with superior receiver 

sensitivity, high spectral efficiency and advanced DSP algorithms have been widely deployed for long-

haul applications, where IM/DD systems used to be dominated. However, IM/DD solutions offering 

advantages of simple implementation, low cost and low power consumption have attracted more 

attention in short-haul optical links such as data centre, which are much more sensitive to cost and 

power consumption due to the sheer market size. Utilizing commercial low-cost DMLs or 

electroabsorptive modulated lasers (EMLs) coupled with advanced modulation formats e.g. Nyquist 4-

level pulse amplitude modulation (PAM4) [94–96], discrete multi-tone (DMT) [97,98], single-

band [99] or multi-band carrier-less amplitude and phase (CAP) [100], has achieved 100 Gb/s per lane 

in IM/DD systems.  

Among these modulation formats, PAM4 is the simplest format to generate and demodulate. However, 

its relatively high baud rate presents challenges on scaling interface rate due to higher required 

modulation bandwidth, and advanced DSP (e.g. direct detection-faster than Nyquist [101]) will be 

needed to deal with the induced significant inter symbol interference. Higher-order PAM such as 

PAM16 [102] is utilized to double the capacity, which yet requires higher SNR in the channel and is 

more susceptible to channel loss, transceiver bandwidth, and chromatic dispersion. CAP modulation 

employing orthogonal (analogue or digital) filter pairs for QAM-type signal generation is proven to be 

very sensitive to non-flat channel response, which limits the capability of single-band CAP to achieve 

bitrates beyond 100 Gb/s.  

In the context of insufficient modulation bandwidth in IM/DD systems, multicarrier formats such as 

multi-CAP and DMT (with bit and power loading) outperform PAM4 and single-band CAP in terms of 

spectral efficiency, impairments tolerance, and system capacity, thanks to the flexible modulation 



 
 

42 
 

formats with respect to the channel response. However, the overall system complexity is still high since 

FFT/IFFT or a set of digital orthogonal FIR filter pairs are required for DMT and Multi-CAP generation 

and demodulation [103]. Furthermore, power fading induced by dispersion and direct detection as well 

as nonlinearity from modulators and electrical amplifiers also degrade system performance, requiring 

nonlinearity-aware DSP such as Volterra series based nonlinear equalizer [104]. The deployed intensive 

DSP inevitably increases system power consumption. Recently, a power-efficient scheme using another 

multicarrier technique i.e. all-analogue FBMC [105] is proposed for broadband optical links. Compared 

with conventional SCM or DMT, such FBMC system employing overlapped orthogonal sub-channels 

without cyclic prefix can achieve higher spectral efficiency. Combining mode-locked lasers with four 

electrical sub-channels (2.7 GBaud QPSK per channel), a 432-Gb/s all-analogue transceiver [106] (21.6 

Gb/s for single optical carrier) is experimentally demonstrated for 2-km SSMF transmission.  

In this chapter, we present an SSB FBMC transceiver using direct detection and simple DSP for 2-km 

SSMF transmission. The interface rate is targeted at single wavelength 144 Gb/s, in line with the highest 

uncompressed data rate of ultra-high definition television [107]. Two high spectral-efficiency 

techniques (i.e. OFDM and FBMC) with analogue implementation are numerically investigated and 

compared in terms of B2B and 2-km SSMF transmission. Nonlinearities from the IQ modulator and 

direct detection are also theoretically analysed, highlighting the optimization of modulation index to 

maximize system performance in the context of no nonlinearity compensation.  

3.2 Principle of orthogonal SCM  
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Figure 3.1: General block diagram of a multicarrier transmission system. 

Figure 3.1 depicts a general block diagram for an electrical multicarrier system. Note that the synthesis 

and analysis filter banks, which yet are commonly implemented digitally in discrete time, are presented 

in continuous time here, in line with our following analogue implementation in Section 3.3. The high-

speed input data stream is firstly divided into a set of N parallel low data rate signals for N subcarriers 

in the transmitter. For kth subcarrier, the transmitted symbol sequence can be defined as: 

 ∑ ,				 0,1, … , 1.                             (3.1) 

Here,  represents the complex-valued data at the mth time slot with symbol duration of T, and can 

be expressed as: 

 j ,                                (3.2) 
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where  and  refer to the in-phase and quadrature information respectively. After pulse shaping and 

subcarrier modulation, parallel signals from each path are summed up, giving the transmitted signal as: 

                                  ∑     

 	 ∑ ∑ . (3.3)           

Here,  represents the signal from kth sub-channel with the subcarrier frequency of , and  

refers to the pulse shaping function. Equation (3.3) can be alternatively written as: 

 ∑ ∑ , ,                            (3.4) 

where 

  , .         (3.5) 

Equation (3.5) shows that the synthesis filter ,  for each subcarrier can be achieved from the 

prototype filter . Similarly, the analysis filters in the receiver obtained from the prototype filter 

 can be also written as: 

 , .         (3.6) 

In the context of an ideal channel, the received signal  is the same as the transmitted signal . 

All the recovered symbols  for ∈ 0, 1  can be separated without inter symbol interference 

(ISI) if the following orthogonality condition is satisfied [108]: 

   〈 , , , 〉 , ,
∗ 	  

                                                        ∙ ∗ 	    
                                                        , , .   (3.7) 

Here, ∗ denotes conjugate operation, and ,  is the Kronecker delta function, which is defined as: 

 ,
1,				 ,
0,				 .    (3.8) 

3.2.1 Orthogonal frequency division multiplexing 

In a conventional OFDM system, a rectangular prototype filter is commonly used in the transmitter and 

is given by: 

 √
,			0 ,

0,			otherwise,
   (3.9) 

Therefore, the mth OFDM symbol generated from equidistant subcarriers with frequency /  can 

be written as: 

 
√
∑ , 1 .		   (3.10) 

For ideal transmission with the same rectangular prototype filter i.e.  employed in the 

receiver, we can achieve: 

             〈 , , , 〉
0,																																																																				

/
, ,				

                   

                                                                  , , .   (3.11) 
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Equation (3.11) indicates that the transmitted symbol sequence can be recovered without inter carrier 

interference (ICI) and ISI despite strong signal spectral overlapping. Conventionally, IFFT and FFT are 

utilized for OFDM signal modulation and demodulation especially when a large number of subcarriers 

are required. Cyclic prefix [109] with an appropriate length larger than the channel impulse response is 

commonly employed in OFDM systems to mitigate dispersion-induced ISI and ICI, which yet decreases 

spectral efficiency. Furthermore, the Sinc shape spectrum of the rectangular prototype filters has high 

side lobes and lasts for long frequency, which can cause severe ICI when the orthogonality condition is 

not satisfied (e.g. asynchronized sub-channels).  

3.2.2 Filter bank multicarrier 

Filter band multicarrier systems using properly designed filter banks with small side-lobes can 

effectively deal with the ISI and ICI and maximize spectral efficiency without using cyclic prefix. There 

are many kinds of FBMC systems such as filtered multi-tone, cosine modulated multi-tone, and 

staggered-modulated multi-tone (SMT). In this chapter, we only consider an SMT FBMC system using 

orthogonal QAM, which is implicitly represented by the abbreviation of FBMC. In such FBMC system, 

the imaginary component of the parallel data for each subcarrier is time staggered by T/2 before the 

pulse shaping filter h(t). Equidistant subcarriers with frequency spacing of 1/T are utilized and a phase 

shift of π/2 is introduced between adjacent subcarriers. Therefore, the generated FBMC signal can be 

expressed as: 

 ∑ ∑ , ,  (3.12) 

where  is the real-valued PAM4 data obtained from the in-phase and quadrature part of the 

16QAM signal, and  

 , ∙ ∙ .  (3.13) 

The term  in Eq. (3.13) shows that a phase shift of /2 is introduced to adjacent PAM4 signals 

in both time and frequency axis. To maximize SNR, the same filters are utilized in the receiver and are 

given by: 

 , ∙ ∙ .  (3.14) 

Assuming ideal channel i.e. , the transmitted PAM4 symbol of the lth subcarrier at n time 

slot is recovered by taking the real part of the filtered signal through the analysis filter, and can be 

expressed as: 

                       ∙ ,
∗  

 ∑ ∑ 〈 , , , 〉 ,   (3.15) 

where   

 〈 , , , 〉 , ,
∗ 	 .   (3.16) 
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We define the ambiguity function of  as: 

 , ∗ .  (3.17) 

Substituting  with  and use the ambiguity function  in Eq. (3.16), we will obtain: 

 〈 , , , 〉 j , .  (3.18) 

Equation (3.18) shows that if the prototype filter design in the FBMC system satisfies the following 

condition: 

 ,
1,			 , ,
0,							otherwise,   (3.19) 

the in-phase and quadrature PAM4 data can be recovered without ISI and ICI.  

3.3 144-Gb/s analogue FBMC or OFDM signal for 2-km transmission 

3.3.1 Simulation setup 

cos(2π / )t T

cos(4π / )t T

cos(2π / )Nt T

 cos (2π / ) π / 2T t 

  cos 2 2π / π / 2T t   

  cos 2π / π / 2N T t   

 

Figure 3.2: Simulation setup of the 144-Gb/s OFDM or FBMC signal transmission over 2-km SSMF. Insets (a) 
and (b) show the configuration of analogue OFDM and FBMC signal generation respectively. SRRC: square root 
raised cosine; VOA: variable optical attenuator. 

The schematic diagram of the 144-Gb/s 2-km transmission system based on analogue FBMC or OFDM 

technique is shown in Figure 3.2. As depicted in Figure 3.2(a), to generate OFDM signal, uncorrelated 

215-1 pseudo random binary sequences (PRBSs) are firstly Gray coded and mapped into 16QAM signals 

for each subcarrier. After rectangular pulse shaping, the up-sampled (256 Samples/symbol) 16QAM 

signals for each subcarrier are directly up-converted using ideal IQ mixers and RF oscillators (RFOs) 

with frequencies of 1/T, 2/T, …, N/T before signal combination. Here, T refers to the symbol duration, 

while N represents the number of subcarriers. By contrast, half symbol duration delay is introduced to 

the quadrature part of the 16QAM signal and 0.3 roll-off square root raised cosine (SRRC) filters are 

utilized for pulse shaping in the FBMC modulator [see Figure 3.2(b)]. In terms of signal up-conversion 
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in the FBMC transmitter, RFOs with frequencies of 1/T, 2/T, …, N/T and π/2 phase shift between 

adjacent subcarriers are used. 

A 100-kHz linewidth laser with an emission frequency of 193.1 THz and an output power of 10 dBm 

is used as the optical source. To mitigate power fading after 2-km SSMF transmission, optical SSB 

modulation is utilized, which is achieved by inputting the generated OFDM/FBMC signal and its 

Hilbert transform (obtained through a 90-degree phase shifter) to an IQ modulator with a 3-dB insertion 

loss, 35-dB extinction ratio, and no bandwidth limitation. The two sub-modulators are biased at 

quadrature points with a 90° optical phase shift in-between. After transmission over 2-km SSMF, the 

SSB modulated optical signal is detected by a 50-GHz bandwidth 0.85-A/W responsivity photodetector 

with shot noise and thermal noise of 18 pA/√Hz. As shown in Figure 3.3(a), a set of ideal IQ mixers 

and RFOs with the same frequencies as that in the transmitter are employed for OFDM signal down-

conversion. The 3π/4 phase term represents the phase difference of the optical carrier and the generated 

optical SSB OFDM signal. Since temporally rectangular pulse shaping is employed in the transmitter, 

Sinc-shaped filters (truncated at 144 GHz) are utilized in the receiver for each sub-channel. 

cos(2π / 3π / 4)t T 

cos(4π / 3π / 4)t T 

cos(2π / 3π / 4)Nt T 

 1cos (2π / ) π / 2 3π / 4T t   

  2cos 2 2π / π / 2 3π / 4T t     

  cos 2π / π / 2 3π / 4 NN T t     

 

Figure 3.3: Demodulator of the 144-Gb/s (a) OFDM or (b) FBMC signal after 2-km transmission. 

Considering that link length (L) of our system is quite short (2 km) and the symbol rate per sub-channel 

is low ( 4.5 GBaud), dispersion induced phase shift ( ) for each sub-channel signal can be 

regarded as constant and on each subcarrier basis. Therefore, constant phases ,

1,2, … ,  are employed for FBMC demodulation [Figure 3.3(b)] with the receiver-side RFOs' 

frequencies the same as that in the transmitter. This principle can be also found in conventional coherent 

OFDM system [110] using cyclic prefix and digital implementation. However, it is not suitable for our 

analogue OFDM system, since cyclic prefix is not used and the OFDM window is not synchronised 

after fibre transmission. The down-converted signal for each subcarrier is then match filtered using 0.3 

SRRC filters with half symbol duration delay compensated for the quadrature component. After 

filtering, both OFDM and FBMC signals are down-sampled to 1 Sample/symbol through ideal ADCs. 

The in-phase and quadrature components are combined together through complex adders before phase 

noise compensation [72]. Finally, the BER is obtained by summing up all the errors of each sub-channel 

over the total bit lengths, and the average BER as well as its standard deviation are achieved from ten 

measurements (524288 bits for each measurement). 
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3.3.2 Nonlinearity from optical modulation and direct detection  

The generated electrical OFDM or FBMC signal sent into one RF port of the IQ modulator can be 

generally written as: 

 ∑ cos .   (3.20) 

Here, 	and  represent the amplitude and phase information of the lth sub-channel with 

subcarrier angular frequency of . Assuming the same modulation index β for all the sub-channels, 

the optical field after IQ modulation (two sub-modulators are biased at quadrature points with a 90º 

optical phase shift) can be expressed as:  

 cos jcos . ..   (3.21) 

Here, A and ω  represent the amplitude and angular frequency of the optical carrier respectively.  

refers to the Hilbert transform of  and is given by: 

 ∑ sin .   (3.22) 

Equation (3.21) can be alternatively written as: 

 j j . . (3.23) 

Using the first-kind Bessel function to expand each exponential term in Eq. (3.23), we can obtain any 

fundamental tone, harmonic or intermodulation product with an angular frequency of 

⋯ , ( , , … ,  are arbitrary integer numbers) as: 

         , ,…, j j∑ ∙ 1 j ∙ 1 ∑ ∙ ∏   

 ∙ ∑    (3.24) 
According to Eq. (3.24), the amplitude of any fundamental tone with an angular frequency of  (

1 for , while	 0 for ) can be expressed as: 

 | | 2√2 	 ∙ ∏ , .  (3.25) 

We can also notice that its optical image (angular frequency of ) is suppressed (known as optical 

SSB modulation), since the first bracket term in Eq. (3.24) is zero for ∑ 1. Similarly, the 

amplitude of the 2nd-order harmonics (HD2), 2nd-order intermodulation distortion (IMD2), 3rd-order 

harmonics (HD3), 3rd-order IMD (IMD3), and the triple beat product (IMD3B) can be respectively 

obtained. In the case of small modulation index, 1, /2, /8, and ∝

. Therefore, the power of the 2nd-order and 3rd-order nonlinear distortion in Table 3.1 is proportional 

to  and  respectively, indicating aggravated nonlinearity with the modulation index.  
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Table 3.1: Nonlinear distortion amplitude of the optical field at the output of the IQ modulator biased 
at quadrature points ( , ,  are arbitrary subcarrier frequencies). 

Distortion 
Type 

Distortion Frequency Amplitude Expression 

HD2 2  2 ∙ ∏ ,   
IMD2  

 
 

2 ∙ ∏ ,   

HD3 3  
3  

2√2 ∙ ∏ ,   
0 

IMD3 2  
2  

0 
2√2 ∙ ∏ ,   

IMD3B  
 0 

 
 2√2 ∙ ∏ ,   

For optical B2B transmission, the directly detected photocurrent without considering noise can be 

expressed as:  

              1 sin 2 sin 2 ,  (3.26) 

where  is the power attenuation coefficient induced by the optical attenuator and R is the responsivity 

of the photo-detector. Similarly, any electrical fundamental tone, harmonic, or intermodulation product 

with an angular frequency of ⋯  can be obtained as:  

, ,…, j 1 j∑ 1 1 ∑ ∏ ∙ ∑ , (3.27) 

where 2 . The amplitude of any fundamental tone (i.e. desired signal) is given by: 

 √2 	 ∙ ∏ , .  (3.28) 

Note that since direct detection generates real-valued electrical signals, both positive and negative 

frequencies ( ) are taken into account when calculating the amplitude in Eq. (3.28). With the similar 

calculation, the amplitude of nonlinear distortion products (including HD2, IMD2, HD3, IMD3 and 

IMD3B) after direct detection is achieved and shown in Table 3.2.  

Table 3.2: Nonlinear distortion amplitude after direct detection ( , ,  are arbitrary subcarrier 
frequencies). 

Distortion Type Distortion Frequency Amplitude Expression 

HD2 2  0 

IMD2  0 

HD3 3  √2 ∙ ∏ ,   
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  IMD3 2  √2 ∙ ∙ 	∏ ,   

IMD3B  √2 ∙ ∙ ∏ ,  

Each sub-channel in a multicarrier system is interfered by different level of intermodulation products 

contributed from different frequencies. From Table 3.2, we can see that biasing IQ modulator at 

quadrature points minimizes the 2nd-order nonlinear distortion (HD2 and IMD2). Comparing Table 3.1 

with Table 3.2, we observe that nonlinear distortion from both optical modulation and direct detection 

depends on the modulation index (or the power of the electrical signal). Furthermore, shot noise is also 

related to the modulation index, since optical fundamental tones and distortion products after optical 

modulator contribute to the received optical power. Therefore, optimizing modulation index is 

necessary to maximize the performance of multicarrier direct detection systems without nonlinearity-

aware DSP.  

3.3.3 B2B transmission performance 

  

Figure 3.4: Numerical B2B transmission performance of the 144-Gb/s system based on analogue implemented (a) 
OFDM and (b) FBMC with different numbers of subcarriers (denoted in the legend) and varied modulation index 
at -8-dBm received optical power.  

Figure 3.4 shows B2B transmission performance of both 144-Gb/s OFDM and FBMC signals with 

different numbers of subcarriers and varied modulation indexes at received optical power of -8 dBm. 

For both cases, we can see that regardless of the number of subcarriers, the optimum BER performance 

is achieved when the squared modulation index (i.e. ) is around -10.2 dB. This represents a fixed 

electrical signal power, since  is the RMS modulation index. Comparing Figure 3.4(a) with 3.4(b), we 

can find that the lowest BER for OFDM signal at optimal  decreases with the subcarrier number, 

while the performance advantage of using more subcarriers in FBMC system is much smaller. This can 

be attributed to alleviated ICI impact for lower baud rate per sub-channel when truncated Sinc filters in 

the OFDM receiver result in loss of orthogonality. For both cases, the performance at low  (less than 

-12 dB) is dominated by thermal noise and optical carrier contributed shot noise, both of which are 

independent of signal power. Therefore, the increase of modulation indexes results in decreased BER. 



 
 

50 
 

However, further increasing electrical signal power leads to enhanced IQ modulator nonlinearity, which 

has smaller effect on the performance in the case of more subcarriers due to the spread of the signal 

power between subcarriers. The aggravated 3rd-order nonlinear distortion at high signal power severely 

interferes with the desired signal and degrades performance.  

The B2B transmission performance of the 144-Gb/s OFDM signal with different subcarrier numbers 

(8, 16, 32 and 64) is shown as four contour plots in Figure 3.5. We find that the optimal modulation 

index only depends on the received optical power, regardless of the subcarrier amount. This indicates 

that the optimum performance for a given received optical power is limited by thermal noise (practically 

constant at a fixed temperature) and shot noise (from the strong optical carrier, the desired optical signal, 

as well as modulator nonlinearity induced harmonics). At lower received optical power, the optical 

carrier related shot noise is reduced, leading to improved modulator nonlinearity tolerance. As a result, 

the optimal modulation index is slightly increased. Comparing these four contour plots, we can also 

find that the BERs achieved at optimal modulation indexes gradually decrease when the number of 

subcarriers is increased from 8 to 32, while similar performance for 32 and 64 subcarriers.  
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Figure 3.5: B2B transmission performance of the 144-Gb/s OFDM signal with (a) 8, (b) 16, (c) 32 and (d) 64 
subcarriers as a function of the received optical power and the squared modulation index (in dB). Colour bars 
represent log10 (BER). 

Using the same procedure, we also investigate the B2B transmission performance of the 144-Gb/s 

FBMC signal with different numbers of subcarriers. Figure 3.6 shows that the BER performance is 
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independent of the number of subcarriers. Similarly, optimal modulation index that ensures lowest BER 

in FBMC system also decreases with the increment of received optical power. Comparing Figure 3.5 

with Figure 3.6, we can see that the performance of the 144-Gb/s 8-subcarrier FBMC B2B system is 

better than the OFDM counterpart, and the performance advantage diminishes when increasing the sub-

channel amount due to mitigated ICI in the OFDM system.  

 

 

Figure 3.6: B2B transmission performance of the 144-Gb/s FBMC signal with (a) 8, (b) 16, (c) 32 and (d) 64 
subcarriers as a function of received optical power and the squared modulation index.  

3.3.4 2-km SSMF transmission performance  

In terms of 2-km SSMF transmission without chromatic dispersion compensation nor channel 

equalization, we firstly study the performance of the 144-Gb/s OFDM and FBMC signal with varied 

numbers of subcarriers and different RMS modulation indexes at a received optical power of -8 dBm. 

It is worth noticing that chromatic dispersion results in nonzero 2nd-order distortion after photo-

detection (while zero in the B2B case) [111,112], which together with thermal noise, shot noise, and 

the 3rd-order distortion deteriorate system performance. Comparing Figure 3.4 with 3.7, we can see that 

at the same received optical power, the optimal modulation index for 2-km transmission is decreased 

due to increased 2nd-order distortion. Figure 3.7(a) shows that the 144-Gb/s OFDM system with 8 or 16 

subcarriers suffers from severe performance degradation due to significant ISI and ICI. The benefit of 
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utilizing more subcarriers can be also validated from Figure 3.7(b). Comparing Figure 3.7(a) with 

3.7(b), we notice that FBMC enables lower BER than the OFDM counterpart.  

 
Figure 3.7: BER performance of the 144-Gb/s (a) OFDM and (b) FBMC signal transmission over 2-km SSMF 
using different subcarrier numbers and modulation indexes at -8-dBm received optical power.  

 

 

Figure 3.8: Performance of the 144-Gb/s (a) 8-subcarrier, (b) 16-subcarrier, (c) 32-subcarrier and (d) 64-
subcarrier OFDM signal transmission over 2-km SSMF without channel equalization nor CD compensation.  

Figure 3.8 depicts the performance of the 144-Gb/s analogue OFDM signal (with different signal power 

and varied numbers of subcarriers) transmission over 2-km SSMF. In high BER region, the performance 

is mainly deteriorated by thermal noise and optical carrier contributed shot noise. As a consequence, 

increasing the electrical signal power improves system performance. However, the aggravated 
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nonlinearity from IQ modulator and photodetector with the increment of RMS modulation index 

gradually degrades system performance, leading to higher BER. We observe the same phenomenon for 

FBMC system in Figure 3.9. The transmission performance of both OFDM and FBMC signals in Figure 

3.8 and 3.9 shows that the receiver sensitivity at optimal modulation indexes decreases with the 

subcarrier number, indicating increased dispersion tolerance enabled by lower symbol rates. 

 

 
Figure 3.9: Performance of the 144-Gb/s (a) 8-subcarrier, (b) 16-subcarrier, (c) 32-subcarrier and (d) 64-
subcarrier FBMC signal transmission over 2-km SSMF without channel equalization nor CD compensation.  
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Figure 3.10: BER performance of the 144-Gb/s (a) OFDM and (b) FBMC signals transmission over 0-km (solid 
symbols) and 2-km (hollow symbols) SSMFs with different number of subcarriers (black, blue, red and olive for 
8, 16, 32 and 64 subcarriers) at optimal modulation indexes.  



 
 

54 
 

Figure 3.10 compares the B2B and 2-km transmission performance of the 144-Gb/s OFDM and FBMC 

signal at optimal modulation indexes. As shown in Figure 3.10(a), 8-subcarrier OFDM signal suffers 

from the largest transmission penalty with the BER higher than 1×10-3 at received optical power of -1 

dBm. Utilizing 16 and 32 subcarriers reduce the receiver sensitivity penalty (at BER of 1×10-3) to 3.8 

dB and 2.3 dB respectively. Increasing the number of subcarriers to 64 further improve the 2-km 

transmission performance by ~0.4 dB. By contrast, transmission penalties of 2.4 dB, 1.7 dB, 1.5 dB and 

1.4 dB are observed in Figure 3.10(b) for FBMC signal with 8, 16, 32 and 64 subcarriers respectively.  

Comparing Figure 3.10(a) with 3.10(b), we notice that the 144-Gb/s FBMC achieves better transmission 

performance than the OFDM counterpart. As depicted in Figure 3.11, side-lope suppression in FBMC 

system with 0.3 roll-off SRRC filters is 50 dB higher than that in the OFDM system using Sinc-shape 

filters. This advantage allows the 144-Gb/s FBMC signal less sensitivity to ICI. Furthermore, using 

subcarrier basis phase compensation for each sub-channel also effectively mitigates ISI impact on the 

FBMC system performance. However, the performance advantage of FBMC over OFDM decreases 

with the number of subcarriers, giving 0.4 dB for N=64. For both systems, using more subcarriers 

increases power margin and enhances dispersion tolerance. We may also notice that the 2-km 

transmission performance of 144-Gb/s 8-subcarrier FBMC system is approximately the same as that of 

the 32-subcarrier OFDM system. However, the former transceiver cost and complexity are much less. 

Compared with conventional FBMC system based on FFT/iFFT implementation, the proposed 144-

Gb/s analogue FBMC transceiver has smaller latency due to simplified DSP with only carrier phase 

noise compensation. 

 

Figure 3.11: Power spectral density of the generated 144-Gb/s electrical (a) OFDM and (b) FBMC signal using 
16 subcarriers before IQ modulator.  

3.4 Summary  

In this chapter, we have numerically investigated both B2B and 2-km SSMF transmission performance 

of a 144-Gb/s analogue OFDM or FBMC signal with varied number of subcarriers. In terms of B2B 

transmission at a fixed received optical power, the optimum modulation index depends on the thermal 

noise and shot noise. In the B2B case, both system performance at low electrical signal power is limited 
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by thermal noise and optical carrier contributed shot noise. The two limitation factors are gradually 

overtaken by aggravated nonlinearity from IQ modulator and photodetector with the increment of 

modulation index. Decreasing received optical power reduces optical carrier contributed shot noise, 

therefore increasing nonlinearity tolerance. ISI induced by truncated (at 144 GHz) Sinc-shape filters in 

the 144-Gb/s OFDM receiver results in larger performance degradation for a small number of 

subcarriers. This is also the reason why the 144-Gb/s FBMC B2B system achieves better performance 

than the OFDM counterpart and the performance advantage diminishes with the number of subcarriers. 

In terms of 2-km SSMF transmission, chromatic dispersion results in additional 2nd-order distortion 

after photo-detection. As a result, the optimal electrical signal power is reduced with respect to the B2B 

case. Utilizing more subcarriers in both OFDM and FBMC systems enables better performance after 2-

km transmission due to enhanced chromatic dispersion tolerance. Compared with Sinc filters in the 

OFDM transceiver, SRRC filters with roll-off factors of 0.3 employed in the FBMC system achieve 50-

dB higher side-lobe suppression and thus enable better ICI tolerance. Compensating for the phase shift 

in the FBMC system also alleviates ISI impact. Therefore, the 144-Gb/s FBMC transceiver outperforms 

the OFDM counterpart. Especially, 144-Gb/s FBMC with 8 subcarriers achieves the same transmission 

performance as the 32-subcarrier OFDM system but with much lower cost and complexity. 
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Chapter 4 : High Frequency Offset 

Tolerated Doubly Differential Systems  
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4.1 Introduction 

As introduced in Chapter 1, capacity demand driven by continuously emerged new traffic such as 

machine-to-machine traffic and the Internet of Things has been explosively increased. According to 

Cisco’s report, 86% of global Internet traffic is predicted to be data centre related by 2020 [113]. To 

meet capacity demand for inter-data centre applications with length scale approaching typical metro 

links, sophisticated optical hardware (e.g. large-bandwidth IQ modulators [114] and polarization-

diversity Stokes-vector receivers [115]) and advanced DSP algorithms (such as Kramers Kronig [19] 

for SSBI suppression and MIMO for polarization de-multiplexing) have been utilized in direct detection 

systems with achieved interface rates of 200 Gb/s [116,117], 400 Gb/s [57] and 1 Tb/s [20]. 

Accompanying these achievements, transceiver cost and complexity have significantly increased and 
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the deployed self-coherent detection also sacrifices receiver sensitivity, requiring optical amplification 

to extend system reach.  

Coherent technology provides superior advantages over direct detection in terms of receiver sensitivity 

and spectral efficiency. It also bypasses optical amplification in high loss systems such as passive 

optical networks with high split ratio [118]. With the continuous development of optical and electrical 

technologies, cost and power consumption of coherent transceivers have been dramatically decreased 

over the past decade [119,120]. The difference in cost and complexity of advanced direct detection 

systems and digital coherent systems is expected to be marginal. If coherent receivers can be further 

optimized by using low-complexity optical frontend and shedding some DSP functions (e.g. chromatic 

dispersion and carrier recovery), coherent solutions can be more competitive for inter-data centre 

applications.  

With the increasing popularity of high-order modulation formats for capacity improvement, enhanced 

FO and phase noise tolerance are highly desirable due to more sensitivity to these impairments. As 

introduced in Section 2.4.5, conventional Mth-power FO estimators based on phase differential [80] or 

FFT-assisted periodogram [81] are computational-complexity and have limited FO tolerance of ±B/2M 

(B for symbol rate). The FO tolerance range can be extended utilizing phase unwrap [84], which yet has 

limited accuracy at low SNRs [121] and also results in cycle slips [92]. Although pilot tone based 

scheme [122] can overcome these issues, the spectral efficiency and system capacity are reduced due 

to wasted one polarization for the pilot tone. Other decision-aided algorithms [85,86] can also alleviate 

these disadvantages to a limited extent, but the DSP complexity still remains. DD encoding using two 

consecutive phase integrations and differentiations for pre-coding and decoding respectively [123] was 

initially designed for satellite communications and is theoretically capable to deal with high FOs and 

phase noise simultaneously in noise-free case. In [124], the first experimental demonstration of DD 

QPSK coherent system without carrier recovery was reported, while the system capacity is limited to 

only 20 Gb/s. 

In this chapter, we present high-speed (beyond 100 Gb/s) coherent transceivers with simplified receiver-

side DSP for 80-km SSMF transmission without optical amplification, combining DD encoding with 

analogue implemented SCM technique to eliminate carrier recovery and chromatic dispersion 

compensation. With simplified receiver-side DSP, a 134-Gb/s heterodyne system using simple optical 

frontend (no optical hybrids and halved number of BPDs) and a 200-Gb/s digital coherent system 

utilizing electrical 90-degree hybrid assisted TSSB modulation are numerically demonstrated. To 

reduce receiver sensitivity penalty induced by conventional DD decoding, MSDD decoding with 12-

decision feedback is introduced and numerically demonstrated with receiver sensitivity improved by 

3.7 dB. Finally, we extend DD encoding on a higher-order modulation format i.e. 2ASK-8PSK to 

improve spectral efficiency, and experimentally demonstrate high FO tolerance and 100-km SSMF 

transmission at a net bit rate of 209 Gb/s. 
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4.2 134-Gb/s DD QPSK heterodyne system with simple DSP and no 

optical amplification for 80-km SSMF transmission  

4.2.1 Principle of DD encoding on QPSK 

 

Figure 4.1: Principle of (a) DD precoding and (b) conventional DD decoding of QPSK.  

It is well known that conventional one-symbol delay differential decoding can effectively combat phase 

ambiguity and recovery the desired data, which represents phase change between two consecutive 

symbols. Along the line with this, doubly differential decoding utilizes additional differential decoding 

to solve frequency ambiguity and converts frequency offset into phase offset, which is then eliminated 

by a 2nd conventional differential operation. Therefore, two consecutive phase integrations are required 

in the transmitter for precoding. Following the principle of DD precoding shown in Figure 4.1(a), the 

generated DD QPSK signal can be expressed as [123]: 

 2 1 2 		mod	2 , 3,     (4.1) 

where  refers to the phase index,  and  represent the phase before and after DD precoding 

respectively. As shown in Figure 4.1(b), conventional DD decoding, which consists of two consecutive 

phase differential operations, are utilized to recover the desired phase information. Assuming ideal 

polarization matching and no phase noise, coherently detected symbol’s phase can be written as: 

 . (4.2) 

Here,	  and T refer to the phase index and symbol duration time respectively, 	is frequency offset, 

and  represents the phase difference between the optical carrier and the receiver-side local oscillator. 

After the 1st differential operation, the signal’s phase becomes: 

 ∆ 1 . (4.3) 

Equation (4.3) shows that the phase difference	has been eliminated and the FO impact is converted into 

a constant phase offset, exhibiting as constellation rotation [e.g. Figure 4.2(b)]. After the 2nd differential 

stage, the decoded phase can be written as: 

 ∆ 2 1 2 .  (4.4) 

This demonstrates that desired phase information is recovered after DD decoding, whilst FO and phase 

difference are simultaneously eliminated. However, this advantage is achieved at a cost of performance 

penalty, as can be seen from Figure 4.2(a)-4.2(c) that noise power gradually increases with the 

differential operations implemented before symbol decision. Specifically, with phase noise ( ) taken 

into account, the restored signal’s phase after DD decoding can be modified to: 

 ∆ 2 1 2 .  (4.5) 
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Assuming that the received DD QPSK signal has phase noise variance of σ , the output phase noise 

power after DD decoding is enhanced to 6σ  [125], while 2σ  for conventional DQPSK with a single 

differential operation. Therefore, performance degradation in the DD QPSK system is expected to be 

4.77 dB (10log 	dB) with respect to DQPSK. Since the single hard differential operation for 

DQPSK leads to 2.4-dB performance penalty (in Section 2.1.4), conventional DD QPSK system 

theoretically suffers from performance degradation of 7.17 dB [126] with regard to the QPSK 

counterpart.  

 

Figure 4.2: Constellations of (a) the received ( ), (b) first differential (∆ ) and (c) DD decoded (∆ ) 
signals in Figure 4.1(b). 

4.2.2 Electrical 90-degree hybrid assisted SSB modulation 

Optical SSB modulation can be achieved by driving an optical IQ modulator with a signal and its Hilbert 

transform, which can be generated in either the digital or the analogue domain. In order to simplify 

transmitter-side DSP with low power consumption, we use a passive electrical 90-degree hybrid to 

generate the 90º phase shifted electrical signal in the RF domain. The in-phase and quadrature analogue 

signals generated from two DACs are directly up-converted via an ideal IQ mixer with an RFO. The 

up-converted signal given by: 

 cos sin ,                              (4.6) 

is then input to an ideal electrical 90-degree hybrid with the principle shown in Figure 4.3. Here,  

and 	represent the in-phase and quadrature signal at time t respectively, and  refers to the angular 

frequency of the deployed RFO.  

 
Figure 4.3: Principle of electrical 90-degree hybrid with branchline used as a divider [127]. 

As shown in Figure 4.3, the input signal (Sin) is equally power split at two output ports with a 90º phase 

difference. Following this principle, two output signals of the electrical hybrid are obtained as: 
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, √

∙ sin cos

, √
cos sin

.       (4.7) 

The output signal ( , ) and its Hilbert transform ( , ) are separately sent to an ideal optical IQ 

modulator under ideal IQ operation. The consequent optical signal can be written as: 

 
√

sin , jsin , . ..  (4.8) 

Here,  refers to the modulation index,  and  are the amplitude and angular frequency of the optical 

carrier respectively. Under small signal assumption (i.e. 	 ≪ 1 ), Eq. (4.8) can be approximately 

expressed as: 

																																																
√2

, j , c. c. 

 j . .,  (4.9) 

Equation (4.9) shows that the desired data is carried by upper sideband (USB) with a central angular 

frequency of , while symmetrically located lower sideband (LSB) signal with a central angular 

frequency of  is well suppressed. This is known as optical SSB modulation. 

4.2.3 Heterodyne receiver  

Following the same derivation procedure for Eq. (4.9), the generated optical SSB signal with N sub-

channels under small signal approximation can be expressed as: 

 ∑ . .,    (4.10) 

where  represents the constant amplitude,  refers to the complex-valued baseband data for the 

kth sub-channel with RFO’s angular frequency of . The heterodyne receiver consists of a LO, a 3-dB 

optical coupler and a BPD. The functionality of the optical coupler is to combine the SSB signal with 

LO and introduce a 180ºoptical phase shift to either the signal or LO at two outputs. For example, the 

combined optical fields after the coupler are given by:   

 √
,

√
.
  (4.11) 

The combined signals are converted into electrical signals through a BPD, and the detected electrical 

signal without considering noise can be expressed as: 

 | | | | 2 ∑ , (4.12) 

where ∙  means take the real part,  refers to BDP’s responsivity, ,	  and  represent the 

amplitude, angular frequency	and time-variant phase of LO respectively. To recover the data for each 

sub-channel, the detected photocurrent needs to be down-converted individually using electrical IQ 

mixers and RFOs before lowpass filtering. The filtered in-phase and quadrature signals for kth sub-

channel are achieved as: 
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, 2 ∙ cos ∆ ∙ sin ∆ ,

, 2 ∙ sin ∆ ∙ cos ∆ .
 (4.13) 

Here, ∆  represents frequency offset induced by the LO and the kth RFO,  refers to the phase 

noise, ∙  and ∙  are real and imaginary component extraction operations respectively. After 

complex addition, a complex-valued signal is obtained as: 

 , 2 ∙ ∆ .    (4.14) 

Performing carrier recovery or DD decoding (requiring DD precoding in the transmitter) on the 

achieved quasi-baseband signal recovers the desired baseband signal . To realize polarization 

diversity heterodyne detection, PBS is utilized to generate orthogonal linear polarized LOs, which are 

combined with the signals through two optical couplers before two BPDs. In this case, adaptive 

equalization is performed firstly to restore polarization states before carrier recovery (see Figure 4.4 in 

the next section).   

4.2.4 Simulation setup  

 
Figure 4.4: Simulation setup for the 134-Gb/s SCM DD QPSK signal transmission over 80-km SSMF without 
optical amplification.  

Figure 4.4 shows the simulation setup of the 134-Gb/s SCM DD QPSK transceiver for amplifier-free 

80-km transmission. For each sub-channel, two independent 215-1 PRBSs are firstly generated and Gray 

mapped to QPSK before DD precoding. The generated DD QPSK signals are up-sampled to 16 

Samples/symbol and then pulse shaped utilizing SRRC filters with roll-off factors of 0.5. Three ideal 

IQ mixers and RFOs with frequencies of 10 GHz, 27 GHz, and 44 GHz are employed for signal up-

conversion. The up-converted electrical signals from three sub-channels are combined together and sent 

to an ideal electrical 90-degree hybrid performing Hilbert transform in the electrical domain. With the 

same procedure for Y polarization signal generation, the output signals and their Hilbert transform are 

input to an ideal dual-polarization (DP) IQ modulator.  
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After transmission over 80-km SSMF, the 134-Gb/s DD QPSK signal is detected by a heterodyne 

receiver, where two 43-GHz BPDs with a responsivity of 0.45 A/W, shot noise and thermal noise 

current of 40 pA/√Hz are used. A 100-kHz laser with emission frequency of 193.1THz and power of 

10 dBm is utilized in the transmitter, whilst the other 100-kHz laser with a practical output power of 15 

dBm (similar to the one in our lab) is used as the LO in the receiver. The LO’s frequency is manually 

detuned to generate FOs within ±2 GHz. The detected signals for each polarization are split and then 

separately down-converted to baseband through ideal IQ mixers and identical RFOs in the transmitter. 

The complex-valued information obtained through complex adders (as depicted in Figure 4.4) are low-

pass filtered and down-sampled to 2 Samples/symbol. Four 7-tap T/2 adaptive FIR filters with complex-

valued weights optimized through CMA are utilized for polarization de-multiplexing. Conventional DD 

decoding is then performed to recover the desired phase information with the bit errors counted from 

the de-mapped bit streams.  

4.2.5 Numerical demonstration 

 
Figure 4.5: Performance of 134-Gb/s PDM DD QPSK signal transmission over (a) zero and (b) 80-km SSMF at 
varied FOs. 

Considering that typical tuneable lasers can be readily tuned to be within 2 GHz of a target wavelength, 

the bandwidth of the receiver-side low-pass filters (SRRC filters with roll-off factors of 0.5) is set to be 

16 GHz by trading off signal distortion and in-band noise. Figure 4.5 shows that the receiver sensitivity 

of the 134-Gb/s DD QPSK signal for B2B transmission is below -26.7 dBm at 7% HD-FEC 

threshold [128], which is 7 dB (theoretically 7.17 dB) higher than the QPSK counterpart with carrier 

recovery at 0-GHz FO. This large penalty is attributed to greatly enhanced noise power caused by two 

differential operations. For 80-km SSMF transmission without optical amplification nor CD 

compensation, the transmission penalty is less than 0.3 dB, giving a power margin of 4.6 dB for a launch 

power of -5.8 dBm. No severe performance degradation is observed in both transmission cases for LO-

induced FOs within ±2 GHz. 
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Compared with digital coherent receiver, heterodyne receiver employed in our system has lower cost 

due to the elimination of two optical hybrids and two BPDs. However, the detected 1st sub-channel 

signal with 10-GHz RFO suffers from more crosstalk at positive FO than at negative FO, as can be seen 

from the spectrum within the red dashed boxes in Figure 4.6(a) and 4.6(b). As a consequence, the 

performance for both B2B and 80-km SSMF transmission at FO of 2 GHz is slightly worse than that at 

FO of -2 GHz.  

 

Figure 4.6: Electrical spectra of the photo-detected 134-Gb/s DD QPSK signal with FOs of (a) 2 GHz and (b) -2 
GHz at a received optical power of -24.8 dBm. 

4.3 200-Gb/s TSSB DD QPSK system for amplifier-free 80-km SSMF 

transmission  

4.3.1 TSSB modulation  

 

Figure 4.7: Principle of the 2×2 electrical 90-degree hybrid with branchline used as a combiner [127]. 

Compared with SSB modulation, TSSB modulation makes better use of the transmitter optical 

bandwidth and enables higher system capacity, since independent data can be transmitted by both upper 

and lower optical sidebands simultaneously. To produce independent LSB and USB signals, digital 

implementation e.g. applying positive and negative frequency shifts to each data signal and then 

combining them digitally [129] in the case of sufficient DAC bandwidth can be utilized. However, in 

order to simplify transmitter-side DSP, a passive four-port electrical 90-degree hybrid is used in our 

system for TSSB signal generation [130]. As shown in Figure 4.7, the 2×2 electrical hybrid with two 

input signals performs Hilbert transform (for each input signal) and signal combination at two output 

ports. Assuming two up-converted signals separately input to the electrical hybrid are given by: 
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 _ ∙ cos ∙ sin ,

_ ∙ cos ∙ sin .
  (4.15) 

Here,  and 	 	 1,2  represent the in-phase and quadrature components of the desired 

baseband signal before up-conversion using an ideal IQ mixer and RFO with an angular frequency 

of	  at time . Following the principle in Figure 4.7, two output signals of the 2×2 electrical hybrid 

herein are obtained as: 

 
_ √

∙ sin cos cos sin ,

S _ √
cos sin sin cos .

       (4.16) 

Both electrical signals are sent to an ideal optical IQ modulator with ideal IQ operation. Similar to Eq. 

(4.8) and (4.9), the generated optical signal under small signal modulation can be expressed as: 

 E j j j . .   (4.17) 

Equation (4.17) shows that two independent data are carried by optical USB and LSB simultaneously. 

4.3.2 SCM optimization 

The number of SCM channels and the corresponding RFO frequencies are basically decided by trading 

off the dispersion tolerance, available opto-electronic bandwidth, and system cost. Firstly, for a net bit 

rate of 200 Gb/s (excluding 7% HD-FEC overhead) DP TSSB QPSK system with only two sub-

channels and no guard band, the required electrical bandwidth is ~26.8 GHz 

(
% 	∙	 /

	∙	 	∙	 /
. However, in the 200-Gb/s DD QPSK system with expected 

FOs, guard bands between sub-channels are required to minimize inter sub-channel crosstalk, since the 

detected signal is separately down-converted and low-pass filtered before DD decoding. On one hand, 

guard bands of ~4 GHz are used to achieve FO tolerance of ±2.3 GHz in our case, which favours fewer 

SCM channels so that the spectral efficiency can be higher. On the other hand, the dispersion penalty 

increases with the symbol rate per channel, biasing more SCM channels to reduce CD impact.  

Since that the maximum electrical bandwidth is limited to 45 GHz due to commercially available IQ 

modulator, six sub-channels generated with three RFOs and TSSB modulation are utilized. The symbol 

rate for each sub-channel is thus 9 GBaud. In terms of RFO’s frequency selection, integer related 

frequencies (i.e. x, 2x, and 3x), which can be realized with electrical frequency multipliers, are preferred 

to minimize system cost. With the specifications of commercial IQ mixers [131] taken into account, 

frequencies of the three RFOs are set to be 13 GHz, 26 GHz and 39 GHz respectively. In this SCM 

transceiver, the parameters are optimized to minimize the receiver-side DSP complexity for 80-km 

transmission. A similar configuration with different subcarrier spacing and symbol rate, optimized to 

enhance nonlinear transmission performance, can be used for long-haul transmission [132–134]. 
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4.3.3 Simulation setup 

The simulation setup for the 200-Gb/s (line rate of 216 Gb/s with 7% HD-FEC overhead) DD QPSK 

system with TSSB modulation is shown in Figure 4.8. Two independent 27-1 PRBSs are firstly Gray-

coded into QPSK and then DD pre-coded before being up-sampled to 16 Samples/symbol for each sub-

channel. SRRC filters with roll-off factors of 0.3 and 3-dB bandwidth of 9.9 GHz are utilized for pulse 

shaping. After that, three ideal IQ mixers and RFOs with frequencies of 13 GHz, 26 GHz and 39 GHz 

are employed to directly up-convert the 9-GBaud DD QPSK signals. The electrical signal for optical 

USB is generated by combining three up-converted signals through a passive combiner, the same for 

LSB. Both combined DD QPSK signals are separately sent to a 2×2 electrical 90-degree hybrid 

simultaneously to generate the coupled signal and its Hilbert transform. With the same setup for Y 

polarization signal generation, four signals at the output of two electrical hybrids are modulated to a 

193.1-THz optical carrier with output power of 10 dBm, through an ideal DP-IQ modulator (half-wave 

voltage of 5 V and insertion loss of 6 dB) biased at null points with 90° optical phase shifts in between. 

 

Figure 4.8: Simulation setup of the 200-Gb/s DD QPSK system with TSSB modulation. LPF: low-pass filter.  

Different from the 134-Gb/s DD QPSK system in Section 4.2.4, a digital coherent receiver including 

an 18-dBm free-running LO and four 43-GHz 0.54-A/W BPDs with shot noise and thermal noise 

current of 40 pA/√Hz is used in the 200-Gb/s TSSB system. To recover complex-valued information 

transmitted by each LSB/USB, the detected signals for both polarizations are separately down-

converted employing a set of ideal IQ mixers and RFOs before low-pass filtering, resampling (to 2 

Samples/symbol), and complex addition in Figure 4.8. The principle of such analogue operation is 

mathematically equivalent to the digital implementation that directly performs complex addition on the 

resampled photocurrents for each polarization with the following frequency up/down conversion i.e. 

/ j /  1,2,3 , in the case of sufficient ADC’s bandwidth. After that, four 7-tap 

adaptive FIR filters with tap spacing half the symbol duration (55.6 ps) and complex-valued tap weights 

optimized through CMA are used for polarization de-multiplexing. Conventional DD decoding is then 

implemented for each sub-channel signal per polarization before the final error counting.  
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4.3.4 Impact of hybrid imperfection  

Equation (4.17) in Section 4.3.1 shows that ideal electrical 90-degree hybrid allows infinite SSB 

suppression ratio (i.e. the power ratio between the desired SSB signal and its optical image) for both 

LSB and USB signals. Nevertheless, imperfections of commercial electrical 90-degree hybrids, IQ 

imbalance and non-ideal biases of IQ modulator results in finite SSB suppression ratio, which can 

degrade system performance especially when the same RFOs [i.e.  in Eq. (4.17)] are utilized 

for both sidebands. To investigate the hybrid imperfection impact on system performance, we assume 

ideal optical IQ modulator and compare the B2B transmission performance of the 200-Gb/s TSSB DD 

QPSK signal generated using ideal or imperfect electrical 90-degree hybrids (with either amplitude 

imbalance of 1 dB or phase imperfection of 5° [135] or both impairments) at zero FO.  

 
Figure 4.9: (a) Optical spectra of 100-Gb/s SSB DD QPSK signals at the output of IQ modulator with only LSB 
electrical signal input to port 2 of the electrical 90-degree hybrid, (b) numerical performance of 200-Gb/s TSSB 
DD QPSK B2B system using 2.9-MHz linewidth lasers and ideal or imperfect electrical 90-degree hybrid at zero 
FO. The phase difference between the hybrid output signals for signals input to port 1 and 2 is represented in the 
legend. AD: amplitude difference. 

Figure 4.9(a) depicts optical spectra of 100-Gb/s SSB DD QPSK signal at the output of IQ modulator, 

in the context of only LSB electrical signal input to one port of the electrical 90-degree hybrid (phase 

and amplitude difference are denoted in the legend). Ideal electrical hybrid [black curve in Figure 4.9(a)] 

enables maximum SSB suppression ratio of 44.3 dB, which minimizes sideband crosstalk within the 

200-Gb/s TSSB signal and ensures the best performance as shown in Figure 4.9(b). By contrast, 5° 

phase imperfection [red curve in Figure 4.9(a)] for only one of the input signals ([95°, 90°]) decreases 

optical image suppression ratio to 27.1 dB, resulting in slightly degraded receiver sensitivity penalty (at 

7% HD-FEC threshold) of 0.2 dB for the 200-Gb/s TSSB signal in Figure 4.9(b). When both electrical 

signals suffer from the phase imperfection at two output ports ([95°, 85°] and [95°, 95°]), sideband 

crosstalk affects both LSB and USB, further degrading performance by ~0.3 dB.  

An obvious performance penalty of 2.2 dB for 200-Gb/s TSSB signal is observed in Figure 4.9(b) in 

the case of only 1-dB amplitude imbalance, which can be attributed to significantly enhanced crosstalk 

between LSB and USB. As shown in Figure 4.9(a), SSB suppression ratio (olive curve) is decreased to 
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19.2 dB. With phase imperfection also taken into account, the largest receiver sensitivity penalty of 2.7 

dB is observed in Figure 4.9(b). Reducing hybrid amplitude imbalance by 0.5 dB [blue curve in Figure 

4.9(a)] increases SSB suppression ratio by ~4 dB with achieved performance improvement of 1.9 dB 

in 200-Gb/s TSSB system, suggesting suppliers the importance of amplitude imbalance reduction for 

commercial electrical hybrids.  

4.3.5 FO and linewidth tolerance 

To investigate FO tolerance brought by DD encoding, we numerically study the B2B transmission 

performance of the 200-Gb/s DD QPSK signal with 100-kHz linewidth lasers employed in the 

transceiver at varied FOs. Since practical RLOs in the receiver may have slightly different frequencies 

compared with the transmitter-side counterpart, a maximum FO of ±100 MHz is considered for the 1st 

receiver-side RFO, which results in FOs of ±200 MHz and ±300 MHz for the 2nd and 3rd RFOs 

respectively due to the use of frequency multipliers. Figure 4.10(a) shows that regardless of RFO 

frequency detuning, the BER of the 200-Gb/s DD QPSK B2B system without carrier recovery at -22.9-

dBm received optical power is slightly changed between 1.5×10-4 and 2×10-4 for LO-induced FOs 

within ±2 GHz (commensurate with the specifications of commercial integrated tuneable lasers). This 

demonstrates good FO tolerance of 4.6 GHz (±2.3 GHz, combining FOs induced by both LO and RFO). 

The observed performance degradation for LO-induced FOs outside ±2 GHz results from increased 

signal distortion induced by the low-pass filter with limited bandwidth as well as sub-channel crosstalk 

inside the low-pass filter.  

 
Figure 4.10: FO tolerance of 200-Gb/s TSSB (a) DD QPSK system without carrier recovery and (b) QPSK system 
with carrier recovery at a received optical power of -22.9 dBm and -30.1 dBm respectively. The frequencies of 
the receiver-side RLOs are shown in the legend. 

In terms of 200-Gb/s TSSB system with QPSK, DD pre-coder in the proposed transmitter is eliminated 

and the receiver-side conventional DD decoding is replaced with a 4th-power FFT-based FO 

estimator [81] and a Viterbi-Viterbi phase noise compensator [89]. To achieve similar BER 

performance as the DD QPSK counterpart at zero FO, the received optical power for QPSK is set to be 

-30.1 dBm. We can see from Figure 4.10(b) that for zero RFO-induced FO, the tolerable LO frequency 
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detuning in the 200-Gb/s QPSK system is about ±1.12 GHz, which confirms with the theoretical 

expectation (±B/8, B=9 GBaud in our case). In the case of the 1st RFO with ±100-MHz frequency 

detuning, coherently detected sub-channels with the 3rd RFO for down-conversion suffer from ±300-

MHz FO. Therefore, the LO-induced FO tolerance is 300-MHz smaller than that in the case of ideal 

RFOs. Comparing Figure 4.10(a) with 4.10(b), we can see that despite no carrier recovery in the 200-

Gb/s DD QPSK system, the achieved overall FO tolerance is twice larger than that for QPSK with 

conventional carrier recovery. Since FOs of the down-converted signals come from both LO and RFO, 

we assume the FOs within ±2.3 GHz are induced by only LO with ideal RFOs used in the remainder 

sections for simplicity. 

To evaluate linewidth tolerance of the 200-Gb/s DD QPSK and QPSK, we set the overall FO to be zero 

and employ the same linewidth lasers in the transceiver. The overall linewidth symbol duration product 

(2Δν·Ts) at 1-dB receiver sensitivity penalty (with regard to the zero-linewidth case at 7% HD-FEC 

threshold) is defined as linewidth tolerance. Here, Δν represents the linewidth of each laser and Ts refers 

to the symbol duration. To mitigate cycle slips for QPSK, differential pre-coder is performed in the 

transmitter with differential logical detection [136] (DLD, i.e. post-decision differential decoding) 

implemented in the receiver.  

 
Figure 4.11: Contour plot for the required receiver sensitivity penalty at 7% HD-FEC threshold (denoted as the 
color bar and labeled text in dB) of 200-Gb/s QPSK system with varied Viterbi-Viterbi block size and laser 
linewidth.  

The receiver sensitivity penalty of the 200-Gb/s QPSK system as a function of the block size of the 

Viterbi-Viterbi algorithm and overall linewidth symbol duration product is shown in Figure 4.11. At 

low linewidth, larger block size of the average operation allows better additive noise suppression, 

leading to smaller receiver sensitivity penalty. However, the large block size in the case of large laser 

linewidth decreases phase estimation accuracy due to rapidly varied phase noise. As can be seen from 

Figure 4.11, the optimal block size of the Viterbi-Viterbi algorithm decreases with the increment of 

laser linewidth. The linewidth tolerance of 200-Gb/s QPSK with optimized block size for phase noise 
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compensation is 1.5×10-3. By contrast, the DD QPSK counterpart with two consecutive differential 

decoding, which is independent of the block size, achieves linewidth tolerance of 2.5×10-3 (i.e. ~11.25-

MHz laser linewidth) in Figure 4.12. 

 
Figure 4.12: Linewidth tolerance of 200-Gb/s TSSB system using DD QPSK without carrier recovery and QPSK 
with optimized block size for Viterbi-Viterbi phase noise compensation at zero FO. 

4.3.6 Receiver sensitivity of the 200-Gb/s DD QPSK system 

 

Figure 4.13: Optical spectra of (a) only USB/LSB signal, (b) TSSB signal with DD QPSK before transmission. 

The optical spectra of 100-Gb/s SSB DD QPSK signals before transmission are shown in Figure 4.13(a), 

where only LSB or USB signal is generated whilst its symmetrically located optical image is 

suppressed. By contrast, TSSB modulation shown in Figure 4.13(b) allows independent signals 

transmitted by both LSB and USB simultaneously, increasing system capacity to 200 Gb/s. Figure 4.14 

shows that the 200-Gb/s TSSB B2B system using 100-kHz linewidth lasers at zero FO suffers from a 

3.2-dB receiver sensitivity penalty compared with the 100-Gb/s SSB system, which is close to 

theoretical expectation of 3 dB due to doubled signal power. Employing lasers with larger linewidth of 

2.9 MHz in the TSSB system only results in performance degradation of 0.2 dB, in line with the large 

linewidth tolerance shown in Figure 4.12. It also indicates that low-cost commercial lasers with several 
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MHz linewidth can be deployed in the 200-Gb/s DD QPSK transceiver with negligible receiver 

sensitivity penalty. 

 

Figure 4.14: B2B transmission performance of DD QPSK signal using SSB or TSSB modulation with 2.9-MHz or 
100-kHz linewidth lasers at zero FO. 

 
Figure 4.15: B2B and 80-km SSMF transmission performance of the 200-Gb/s DD QPSK signal using 2.9-MHz 
linewidth lasers with varied FO and different PRBS lengths (only 215-1 PRBSs for green triangular while 27-1 
PRBSs for the other legends).  

Figure 4.15 shows that for FOs within ±2.3 GHz, the receiver sensitivity of the 200-Gb/s TSSB DD 

QPSK signal transmission over 80-km SSMF without optical amplification, carrier recovery nor 

dispersion compensation is below -25.4 dBm at 7% HD-FEC threshold. Comparing B2B with the 80-

km transmission, the observed transmission penalty is less than 0.2 dB and the performance remains 

practically constant for FOs within ±2.3 GHz in both cases. To make sure that all pattern-dependent 

effects are taken into account, 215-1 PRBSs are utilized to generate the 200-Gb/s TSSB DDQPSK signal 

transmission over 80-km SSMF at a 2.3-GHz FO with 2.9-MHz linewidth lasers. The achieved 

performance shows no difference from that using 27-1 PRBSs. 
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Since the transmission penalty of the 200-Gb/s TSSB signal is negligible, we numerically study the 

B2B transmission performance of different modulation formats i.e. QPSK with/without DLD, DQPSK, 

and DD QPSK to investigate the trade-off between system performance and DSP complexity. For 

simplicity, we set the FO to be zero and employ 100-kHz linewidth lasers. For DQPSK and QPSK with 

DLD, the proposed DD pre-coder is replaced with single differential pre-coder in the transmitter, and 

carrier recovery is utilized in the receiver for all the three modulation formats (QPSK with/without 

DLD, DQPSK). Note that the differential decoding for DQPSK is performed before symbol decision, 

while post decision differential operation for QPSK with DLD. 

 

Figure 4.16: Performance of 200-Gb/s TSSB B2B system using 100-kHz linewidth lasers and different modulation 
formats (QPSK, DLD-assisted QPSK, DQPSK, and DD QPSK with conventional DD decoding) at zero FO. 

Figure 4.16 shows that for 200-Gb/s TSSB QPSK with 4th-power FFT-based FO compensation and 

Viterbi-Viterbi phase noise compensation, the required receiver sensitivity at 7% HD-FEC is -32.8 

dBm. The post-decision differential operation of DLD leads to 0.7-dB performance degradation. By 

contrast, DQPSK with single differential decoding suffers from larger sensitivity penalty of 2.3 dB 

(theoretically 2.4 dB) due to increased noise power. For DD QPSK with conventional DD decoding, 

two consecutive differential operations significantly enhance noise power and result in performance 

degradation of ~7 dB (theoretically 7.17 dB). Comparing DQPSK with DD QPSK, a receiver sensitivity 

penalty of 4.7 dB is observed, which confirms with our theoretical expectation of 4.77 dB (in Section 

4.2.1).  We can also notice that the 7-dB performance degradation for DD QPSK is dominated by the 

2nd hard differential decoding, which causes 2.4 dB more penalty than the 1st differential operation.  

In [137], we suggest utilizing polarization switching to reduce the penalty caused by conventional DD 

decoding, and numerically demonstrate a 0.7-dB receiver sensitivity improvement (at 7% HD-FEC 

threshold) in 100-Gb/s DD QPSK system. However, the required electrical bandwidth is increased and 

the spectral efficiency is low, since polarization-switched DD QPSK signal only carries 3 bits/symbol. 
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Another scheme [138] that implements two phase differential operations after symbol decision 

improves the performance by about 6 dB at the cost of increased DSP complexity due to the requirement 

of carrier recovery. Since the performance penalty in conventional DD QPSK system (with 

conventional DD decoding) is dominated by the 2nd differential operation, decision-aided MSDD 

decoding [139] can be used to effectively suppress phase noise. 

 
Figure 4.17: Architecture of multi-symbol DD decoding. 

The architecture of MSDD decoding is depicted in Figure 4.17. Specifically, instead of using only one 

symbol ( ) as the phase reference for the symbol of interest in conventional DD decoding, an 

improved reference signal is generated in the 2nd differential stage, making use of several consecutive 

symbols coupled with feedback symbol decisions ( , 1,2, … 1, 2): 

 ⋯ ∙∙∙ .     (4.18) 

Here, L refers to the tap length of the 2nd differential operation (L=1 for conventional DD decoding 

without decision feedback). In Eq. (4.18), each term is roughly aligned in-phase with , therefore, 

averaging the phase differences from multi symbols generates a less noisy symbol reference ( ). 

More details about the principle of this scheme can be found in [139], where better system performance 

can be achieved with adaptive weights. However, MSDD decoding with constant weights is utilized in 

our system due to its lower DSP complexity and easier hardware implementation.  

 
Figure 4.18: Performance of the 200-Gb/s DD QPSK B2B system using 100-kHz linewidth lasers and MSDD 
decoding with varied tap length (L) at -27.1-dBm received power and zero FO. 
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We firstly investigate the performance of 200-Gb/s DD QPSK B2B system with varied tap lengths (L) 

of the 2nd differential stage in MSDD decoding. As shown in Figure 4.18, the BER performance is worst 

in the case of conventional DD decoding (L=1) and is continuously improved with convergence 

achieved after 29 taps. To minimize DSP complexity while constraining the receiver sensitivity penalty 

(with regard to the converged performance) less than 0.5 dB, a tap length of 13 with equal tap weights 

is employed in the 200-Gb/s DD QPSK system. Figure 4.19 shows that with the 13-tap MSDD 

decoding, the receiver sensitivity penalty at 7% HD-FEC threshold is reduced by 3.7 dB with system 

performance 2.6 dB worse than DLD-assisted QPSK. Increasing laser linewidth from 100 kHz to 2.9 

MHz and FO from 0 to 2.3 GHz, the resulted BER performance of 200-Gb/s DD QPSK with 13-tap 

MSDD decoding is only degraded by ~0.3 dB, demonstrating that high FO and linewidth tolerance have 

been retained in the MSDD decoding.  

 

Figure 4.19: BER performance of the 200-Gb/s TSSB B2B system using QPSK with DLD, DD QPSK with 
conventional DD decoding (L=1) or 13-tap MSDD decoding in the case of 100-kHz linewidth lasers and zero FO 
(square) or 2.9-MHz linewidth lasers and 2.3-GHz FO (green dot). 

4.4 209-Gb/s DD 2ASK-8PSK system for 100-km SSMF transmission  

As numerically demonstrated in the last section, despite no carrier recovery nor chromatic dispersion, 

the 200-Gb/s TSSB DD QPSK system shows practically constant performance for FOs within ±2.3 

GHz with negligible receiver sensitivity penalty for 80-km transmission. This advantage is achieved at 

a cost of a 7-dB (conventional DD decoding) or a 3.3-dB (with 13-tap MSDD decoding) performance 

degradation. The inclusion of guard bands, which depends on the target FO tolerance and the number 

of sub-channels (determined by the tolerable dispersion), requires large electrical bandwidth. This 

together with DD encoded QPSK result in low spectral efficiency. To combat these disadvantages, a 

single-carrier scheme using 209-Gb/s DD 2ASK-8PSK is proposed in this section for 100-km SSMF 

transmission.  
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4.4.1 Principle of DD 2ASK-8PSK  

Since DD precoding and decoding are performed on signal’s phase, normalization operations (denoted 

as red dashed boxes in Figure 4.20) are required in each phase integration and differential stage when 

applying DD encoding on 2ASK-8PSK. Following the principle of DD precoding shown in Figure 

4.20(a), the DD pre-coded signal is obtained as: 

 ∙ ∙ ,  (4.19) 

where k represents the symbol index, A and θ refer to the desired amplitude and phase information 

respectively,  is the DD pre-coded signal’s phase. From Eq. (4.19), we can see that amplitude 

information is retained after DD precoding while the output phase is integrated twice.  

 
Figure 4.20: Schematic diagram of (a) DD precoding and (b) conventional DD decoding on 2ASK-8PSK. Red 
and green dashed blocks represent for the normalization and conjugation operations respectively. 

As shown in Figure 4.20(b), two consecutive normalized differential operations in conventional DD 

decoding can be performed for signal recovery. Specifically, without considering phase noise, the 

coherently detected signal ( ) with an unknown frequency offset (ω ) and phase difference ( ) 

between the optical carrier and LO can be expressed as: 

 ∙ e ,      (4.20) 

where T refers to the symbol duration. The 1st normalized differential decoding gives the signal as: 

 ∙ e .  (4.21) 

The phase term in Eq. (4.21) shows that single normalized differential operation eliminates constant 

phase difference and simultaneously converts FO impact into a phase offset, which can be easily 

removed in the 2nd normalized differential stage. Therefore, the output signal after conventional DD 

decoding is obtained as: 

 ∙ e ∙ e ,    (4.22) 

which demonstrates that the desired signal has been recovered after DD decoding. With phase noise 

taken into account, the noise power after the aforementioned conventional DD decoding is significantly 

enhanced, which can severely degrade system performance (e.g. 7.17-dB penalty for DD QPSK).  
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Figure 4.21: MSDD decoding for DD 2ASK-8PSK. 

In Section 4.3.6, MSDD decoding employing multi-decision feedback in the 2nd differential stage has 

been numerically demonstrated for phase noise suppression, with a 3.7-dB performance improvement 

achieved in 200-Gb/s DD QPSK system. However, when applying MSDD decoding for DD 2ASK-

8PSK or other higher modulation formats (e.g. 16QAM) with several radii, normalization operations 

are required in both differential stages, as illustrated in Figure 4.21. We can see that additional 

normalization is implemented on the feedback symbol decision in order to extract the phase 

information. Although complex multipliers are used for reference symbol generation, the final hardware 

implementation can be realized with lookup tables [140], leading to reduced DSP complexity. 

4.4.2 Simulation results 

We firstly numerically compare the performance of different modulation formats (i.e. QPSK, 16QAM, 

DD QPSK, DD 16QAM and the proposed DD 2ASK-8PSK) with baud rates of 28 GBaud. Independent 

215-1 PRBSs are firstly generated before being Gray mapped into QPSK, 16QAM or 2ASK-8PSK. 

Figure 4.22(a) depicts the constellation and symbol mapping of the designed 2ASK-8PSK signal, which 

has two radii of 0.74 and 1.205 with zero phase offset between constellation points on each radius. The 

optional DD precoding with principle shown in Figure 4.20(a) is symbol-wise implemented in the polar 

coordinate. It is worth noticing that in order to relax the requirement of the DACs’ resolution, we have 

adopted the aligned constellation [Figure 4.22(a)] instead of the cross one [Figure 4.22(c)] for 2ASK-

8PSK in this thesis. Figure 4.22 shows that the constellations of QPSK and aligned 2ASK-8PSK 

with/without DD precoding remain the same, while two phase integration operations in DD precoding 

results in increased phase conditions for cross 2ASK-8PSK and 16QAM. 
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Figure 4.22: Constellations of customized 2ASK-8PSK without phase offset (a) before and (b) after DD precoding; 
with π/8 phase offset (c) before and (d) after DD precoding; (e) DD pre-coded QPSK; (f) DD pre-coded 16QAM. 

After transmission over an additive white Gaussian noise channel with varied noise power, conventional 

DD decoding or 11-tap MSDD decoding is performed on DD QPSK, DD 16QAM and DD 2ASK-8PSK 

before symbol de-mapping. The BER and its standard deviation are evaluated from ten measurements 

(655,36 symbols per measurement) at each optical signal-to-noise ratio (OSNR) at 0.1-nm resolution 

bandwidth, which is related with the signal-to-noise ratio ( ) through [13]: 

 
.

∙
.  (4.23) 

Here, B is the symbol rate (in GBaud), and n is the polarization-multiplexing number. For easy 

comparison with the following experimental demonstration in Section 4.4.5, we assume polarization 

multiplexed signal (i.e. n=2) in this simulation.  

Figure 4.23 shows that the simulated OSNR performance for both 28-GBaud QPSK and 28-GBaud 

16QAM matches very well with theoretical predictions (dashed lines), which are calculated as: 

 ∙
.

∙ ∙
. (4.24) 

Here, N refers to the number of levels in each dimension of the M-ary modulation format. Compared 

with QPSK, DD QPSK with conventional DD decoding suffers from an expected performance 

degradation of 7 dB at 7% HD-FEC threshold (theoretically 7.17 dB) in Figure 4.23(a). Since one 

symbol error in the received signal results in two symbol errors after DD decoding, higher performance 
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degradation is expected for DD encoded higher-order modulation format. This can be validated by 

comparing 16QAM with conventional DD 16QAM in Figure 4.23(b), where an OSNR penalty of 10.3 

dB is observed. This performance degradation is 3.3 dB higher than that for conventional DD QPSK (7 

dB). By contrast, MSDD decoding with ten-decision feedback in the 2nd differential stage effectively 

improves the OSNR performance of DD QPSK and DD 16QAM by 3.5 dB and 3.8 dB respectively. 

However, a large penalty of 6.5 dB still remains in the DD 16QAM system, which can be attributed to 

poor phase error tolerance of the eight constellation points on the 2nd ring of 16QAM. By contrast, the 

required OSNR at 7% HD-FEC threshold for DD 2ASK-8PSK with 11-tap MSDD decoding is 3 dB 

lower than that of DD 16QAM due to better phase noise tolerance enabled by more uniformly 

distributed constellation. The residual 3.5-dB OSNR penalty with respect to 16QAM is only 1.1 dB 

larger than that between DQPSK and QPSK.  

 

Figure 4.23: OSNR performance of 28-GBaud DP system employing (a) QPSK and DD QPSK, (b) 16QAM, DD 
16QAM and DD 2ASK-8PSK with conventional DD or 11-tap MSDD decoding at zero FO. 

 
Figure 4.24: Linewidth tolerance of DD 2ASK-8PSK with 11-tap MSDD decoding at zero FO. 

Linewidth tolerance of the 28-GBaud DD 2ASK-8PSK signal with 11-tap MSDD decoding at zero FO 

is also numerically investigated using the same method introduced in Section 4.3.5. As shown in Figure 
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4.24, linewidth tolerance at 1-dB OSNR penalty for DD 2ASK-8PSK is about 1.2×10-3 (i.e. each laser 

linewidth of ~16.8 MHz) at BER of 3.8×10-3 (assuming 7% HD-FEC), while lower linewidth tolerance 

of ~8.6×10-4 is achieved at BER of 1×10-3 in [141]. The large linewidth tolerance enabled by DD 

encoding indicates that low-cost commercial lasers with several MHz linewidth can be deployed in the 

209-Gb/s transceiver without significant performance degradation.  

4.4.3 Experimental setup 

 
Figure 4.25: Experimental setup for 209-Gb/s DD 2ASK-8PSK signal with 11-tap MSDD decoding for 100-km 
SSMF transmission.  

The experimental setup of the 209-Gb/s DD 2ASK-8PSK signal with 11-tap MSDD decoding for 100-

km transmission is depicted in Figure 4.25. In the transmitter-side DSP, 215-1 PRBS is firstly generated 

and then Gray mapped into the designed 2ASK-8PSK signal (see Figure 4.22). After DD pre-coding 

and up-sampling (2 Samples/symbol), an SRRC filter with a roll-off factor of 0.3 is utilized for pulse 

shaping. The frequency response of the arbitrary waveform generator (AWG, Keysight M8195A) is 

pre-compensated with the manufacturer’s calibration files. To achieve linear optical modulation, an 

inverse transfer function (arcsine function in our case) of the IQ modulator is performed. Signal for Y 

polarization is generated by introducing 8192 samples delay to the X polarization signal. Both 

polarization signals are loaded to the memory of the AWG operating at 56 GSa/s, and the output 

analogue signals are utilized to drive a 46-GBaud optical transmitter (Tektronix OM5110) with a center 

frequency of 192.4 THz. 

Transmission loss of the 100-km SSMF is compensated by an EDFA working at constant gain (20 dB) 

mode. The amplified PDM DD 2ASK-8PSK signal is then combined with a power varied ASE noise 

before an optical bandpass filter with center frequency of 192.4 THz and pass bandwidth of 250 GHz 

for ASE noise suppression. The receiver-side EDFA has a constant output power of 8 dBm, 10% of 

which is sent to a high-resolution (150 MHz) optical spectrum analyzer (OSA) for OSNR measurement. 

The residual 90% signal is detected by a coherent receiver (Tektronix, OM4245) with a 13-dBm power 

100-kHz linewidth free-running LO. It is worth to mention that the receiver-side EDFA used here is to 

ensure the use of full dynamic range of the real ADCs, which are assumed to be ideal in previous 
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simulations. Offline DSP for the data captured at 100 GSa/s includes resampling to 2 Samples/symbol, 

chromatic dispersion compensation, clock recovery, polarization de-multiplexing through 25-tap 

adaptive FIR filters with RV weights optimized through the radius-directed algorithm. The 28-GBaud 

signals for both polarizations are then MSDD decoded using ten-decision feedback at 1 Sample/symbol. 

After symbol de-mapping, the average BER and its standard deviation are calculated from ten 

measurements with ~100,000 symbols for each one. 

4.4.4 OSNR measurement  

The spectral integration method is found to be useful and accurate for OSNR measurement in multi-

channel systems with in-band noise [142]. Since our system has only one channel and the added ASE 

noise has a titled noise floor [see Figure 4.26(a)], we slightly modify the integration method for OSNR 

measurement to: 

 . 	 dB 10 ∙ log
/
/

	
/
/

∙
.

.  (4.25) 

Here, the noise floor  is achieved by linear curve-fitting on the measured power outside the 

integration bandwidth ( , 80 GHz in this case), which has the same centre frequency as the desired 

signal. Since the measured power [ ] includes both signal and noise, integration on the power 

difference between the measured power and curve-fitted noise power over  gives the total signal 

power. To ensure accurate signal power measurement, the integration bandwidth should be larger than 

the signal’s bandwidth. A bandwidth fractional ratio (
.

) is also considered when converting the 

OSNR resolution bandwidth to 0.1 nm (i.e. 12.5 GHz).  

 

Figure 4.26: (a) Optical spectra of only ASE noise (black) and 38GBaud 16QAM signal with ASE noise (red). (b) 
Optical signal power measurement using the 150-MHz resolution OSA and a calibrated power meter. 

As shown in Figure 4.26(b), the 150-MHz resolution OSA has imperfect linear power measurement 

compared with the calibrated power meter in our lab, requiring a correction factor of 1/1.0217≈0.978 

on the measured power (in dB). The nonzero intercept (10.4640) of the red linear fitting curve is 
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attributed to higher insertion loss of the high-resolution OSA. The real OSNR ( , in dB) is thus 

related to the OSNR measured by the OSA (  in dB) as: 

 10 ,
.

,
. 0.978 ∙ ,  (4.26) 

where	 ,  and ,  represent the power of signal and noise measured by the high-resolution 

OSA respectively. Equation (4.26) indicates that a correction factor of 0.978 is required for the 

measured OSNRs (in dB).   

4.4.5 Experimental results 

4.4.5.1 FO tolerance demonstration 

 

Figure 4.27: FO tolerance of 28-GBaud B2B system using QPSK, 16QAM, DD QPSK with conventional DD 
decoding or 11-tap MSDD decoding, and DD 2ASK-8PSK with 11-tap MSDD decoding at measured OSNRs of 
13.9 dB, 21.9 dB, 21.8 dB, 17.5 dB, and 27.1 dB respectively. 

We experimentally investigate FO tolerance for the 28-GBaud signals with different modulation 

formats by changing LO’s frequency. Measurement of DD 16QAM signal is excluded, as the required 

OSNR is quite high. For QPSK and 16QAM, DD pre-coder is eliminated from the transmitter and the 

receiver-side 11-tap MSDD decoding is replaced by a 4th-power FFT-based FO compensator and a one-

filter (averaging window size of 61) based decision-directed soft-decision phase estimator [92]. As 

shown in Figure 4.27, for 28-GBaud QPSK and 16QAM, the tolerable FO range is limited to ~±3.5 

GHz in line with theoretical expectation (± 	GHz). For FOs nearby this range, wavelength drifting of 

the LO results in unstable performance of QPSK and 16QAM systems, therefore, leading to large BER 

deviation (not shown in Figure 4.27). By contrast, all DD encoded formats (with conventional DD or 

MSDD decoding) show steady BER performance of ~1×10-3 for FOs within ±8 GHz in Figure 4.27. 

Such large FO tolerance range is fundamentally limited by the effective bandwidth of the receiver and 

is more than twice larger than QPSK and 16QAM with the aforementioned carrier recovery. 



 
 

81 
 

4.4.5.2 B2B and 100-km SSMF transmission  

We firstly measure B2B and 100-km transmission performance of the dual-polarization DD QPSK and 

QPSK signals with baud rates of 28 GBaud (net bit rates of 105 Gb/s). As shown in Figure 4.28, the 

required OSNR at 7% HD-FEC threshold for QPSK B2B transmission is ~12.6 dB, showing a 0.6-dB 

implementation penalty. Conventional DD decoding for DD QPSK results in an OSNR penalty of 7.5 

dB (theoretically 7.17 dB) with regard to QPSK. By contrast, employing the 11-tap MSDD decoding 

for DD QPSK effectively reduces the penalty by 3.9 dB. Compared with QPSK, the residual 3.6-dB 

performance degradation for DD QPSK is only 1.2 dB larger than the theoretical OSNR penalty (2.4 

dB) between DQPSK and QPSK. In terms of 100-km SSMF transmission, the transmission penalty for 

QPSK and DD QPSK with 11-tap MSDD decoding is negligible, while a slightly larger penalty of ~0.4 

dB is observed for conventional DD QPSK. This can be attributed to the higher sensitivity to phase 

errors in conventional DD decoding and imperfect CD compensation aggravates phase error.  

 
Figure 4.28: B2B and 100-km SSMF transmission performance of the 105-Gb/s dual-polarization QPSK signal 
or DD QPSK signal with conventional DD or 11-tap MSDD decoding. Inset constellations are for B2B transmitted 
105-Gb/s QPSK and DD QPSK with 11-tap MSDD or conventional DD decoding at respective OSNRs of 15.2 
dB, 18.9 dB, and 23.8 dB. 

Performance of the proposed 209-Gb/s DD 2ASK-8PSK signal with 11-tap MSDD decoding and 

16QAM signal with carrier recovery transmission over different fibre lengths (0 and 100 km) is shown 

in Figure 4.29. For 209-Gb/s PDM 16QAM, an implementation penalty of 1.6 dB is observed when 

comparing the B2B transmission performance with theory, which is 1 dB higher than that of QPSK in 

Figure 4.28. By contrast, the 209-Gb/s DD 2ASK-8PSK B2B system with 11-tap MSDD decoding 

suffers from 4.3 dB more penalty, which is 0.8 dB higher than the numerical result shown in Figure 

4.23(b). With conventional DD decoding, DD 2ASK-8PSK is not detectable at the reported OSNRs. In 

terms of 100-km SSMF transmission, a negligible penalty of 0.3 dB is observed in Figure 4.29 for 209-

Gb/s 16QAM, while a transmission penalty of 1 dB for DD 2ASK-8PSK. Since DD encoded signal is 
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quite sensitive to phase errors, we believe that non-ideal biases and imperfect nonlinearity compensation 

of the IQ modulator as well as residual CD are responsible for the 1-dB transmission penalty for DD 

2ASK-8PSK.  

 
Figure 4.29: B2B and 100-km SSMF transmission performance of 209-Gb/s 16QAM with carrier recovery and 
the same bit rate DD 2ASK-8PSK signal with 11-tap MSDD decoding. Inset constellations are for B2B transmitted 
209-Gb/s 16QAM and DD 2ASK-8PSK (with 11-tap MSDD decoding) at 24.2-dB and 30.4-dB OSNR. 

4.5 Summary 

In this chapter, we have combined DD encoding with analogue implemented SCM technique to simplify 

receiver-side DSP of coherent transceivers for 80-km SSMF transmission with different interface rates, 

performance and complexity. An amplifier-free 134-Gb/s heterodyne system is firstly introduced and 

numerically demonstrated with negligible performance degradation for FOs within ±2 GHz and 

transmission penalty less than 0.3 dB in the case of no carrier recovery nor chromatic dispersion 

compensation. The receiver sensitivity after 80-km transmission (assuming 7% HD-FEC) is below -

26.4 dBm, giving a power margin of 4.6 dB for launch power of -5.8 dBm.  

A four-port electrical 90-degree hybrid assisted TSSB modulation coupled with digital coherent 

receiver are utilized to improve DD QPSK system capacity to 200 Gb/s. Based on the same simplified 

DSP flows, the performance of the 200-Gb/s SCM-based DD QPSK signal for both B2B and 80-km 

transmission remains practically the same for FOs within ±2.3 GHz with negligible transmission 

penalty. By contrast, the tolerated FOs in the 200-Gb/s QPSK system with 4th-power FFT-based FO 

estimation is within ±1.12 GHz, and the linewidth tolerance for QPSK with optimized block size in 

Viterbi-Viterbi phase noise compensation is 1.5×10-3, while 2.5×10-3 for DD QSPK without carrier 

recovery. However, conventional DD decoding greatly enhances noise power, leading to a 7-dB 

receiver sensitivity penalty. MSDD decoding with 12-decision feedback in the 2nd differential operation 

effectively suppresses phase noise and improves system performance by 3.7 dB.  
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To further improve system capacity and spectral efficiency, a 209-Gb/s single-carrier scheme using DD 

2ASK-8PSK and 11-tap MSDD decoding for 100-km transmission is proposed. The simulated large 

linewidth tolerance of 1.2×10-3 for DD 2ASK-8PSK indicates the use of large linewidth (MHz) lasers 

in the 209-Gb/s transceiver without significant performance degradation. Large FO tolerance range of 

16 GHz for DD QPSK and DD 2ASK-8PSK (regardless of decoding scheme) is experimentally 

demonstrated, which is twice that of QPSK and 16QAM with conventional carrier recovery. Compared 

with 16QAM, DD 2ASK-8PSK suffers from 4.3-dB more implementation penalty and 1-dB 

performance degradation after transmission over 100-km SSMF.  
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Chapter 5 : High baud rate SCM 

signal generation 
 

T. Zhang, C. Sanchez, P. Skvortcov, F. Ferreira, S. Sygletos, I. Phillips, W. Forysiak, and A. 

Ellis, "86-GBaud Subcarrier Multiplexed Signal Generation Using an Electrical 90 Degree 

Hybrid and IQ Mixers," Opt. Express 27, 11819-11829, 2019. 

 

5.1 Introduction 

To meet the capacity demand for long-haul applications, the solution is to use polarization multiplexed 

high baud rate signals with advanced modulation formats and DSP-oriented digital coherent detection, 

as exemplified by commercial coherent transponders with single wavelength data rates ranging from 

100 Gb/s (28-GBaud PDM-QPSK [5]) to 200 Gb/s (35-GBaud PDM-16QAM [143]) and 400 Gb/s (45-

GBaud PDM-64QAM [7]). For 1-Tb/s transmission and beyond, optical superchannels using 

OFDM [144,145] optically shaped [146,147] or digitally Nyquist shaped [148,149] subcarriers have 

been proposed. In such superchannel transponders, either a wavelength selective switch or a passive 

optical combiner is required to manage multiple optical carriers generated from multiple lasers or a 

frequency comb. Furthermore, gain-flattened optical amplification is also needed to compensate for the 

associated optical loss. These disadvantages also exist in the multiple spectral slices synthesis 

scheme [11,12] (with complex DSP performed in the transmitter to ensure coherence between 

individually modulated optical spectral slices) and in the orthogonal optical time-division multiplexing 

systems requiring precise time-delay control to minimize ISI [14]. Apart from these, optical sub-bands 

multiplexing technique combining several WDM channels [150–152] with bit rate beyond 400 Gb/s per 

lane also realize high spectral efficiency transmission. However, the use of additional optical or opto-

electronic components in all these optical multi-carrier approaches inevitably increases transponder cost 

and complexity.  

Since transponder cost per bit historically decreases as data rates per opto-electronic conversion are 

increased, great efforts have been made by the research community to electrically generate high baud 

rate signals with a single optical modulator. The proposed schemes mainly include pure high-speed 

DACs [17,153–157], ETDM [158–169], and spectrum synthesis techniques such as analogue-

multiplexed DACs [22,170–172] or digital bandwidth interleaving (DBI) [23,173,174]. In terms of pure 

DACs-based signal generation, the maximum achievable system capacity strongly relies on the features 

of high-speed DACs. In 2017, 1-Tb/s (100-GBaud) PDM 64QAM signal was generated and 
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experimentally demonstrated for 306-km ultra-large-area fibre (ULAF) transmission using 100-GSa/s 

DACs with analogue bandwidth of 40 GHz and ENOB over 4 [155]. One year later, the baud rate was 

improved to 105 GBaud (net bit rate of 905.8 Gb/s) by employing DACs with slightly higher sampling 

rate of 105 GSa/s and an ENOB of 4.5 bits at 30 GHz [17]. To relax the requirement on high-speed 

DACs, ETDM technique which passively combines the multiplexed high-speed data streams in the 

electrical domain has been widely investigated. In 2015, G. Raybon (from Bell labs) demonstrated a 

single-carrier all-ETDM 1-Tb/s PDM 64QAM signal with baud rate of 90 GBaud [162], which was 

improved to 128.8 GBaud [161] and then 138.4 GBaud [160] by J. Zhang (from ZTE) using PDM 

QPSK with system reaches of 6078 km (TeraWave fibre) and 1200 km (SSMF) respectively. By 

resorting to high-speed InP-DHBT selectors, 180 GBaud [158] was achieved by G. Raybon again in 

2018. However, further scaling the data rate of ETDM systems is difficult and limited by the speed and 

bandwidth of the electrical multiplexers.  

Alternatively, high baud rate signal can be synthesized in the frequency domain. For example, H. 

Yamazaki (from NTT) experimentally demonstrated an 80-Gbaud PAM4 [22] signal transmission over 

20-km SSMF utilizing analogue-multiplexed DACs based on transmitter-side digital pre-processing 

and high-speed switching circuits. Coupled with 8-dimenstion 16QAM, analogue-multiplexed DACs 

was then employed by M. Nakamura (from NTT) for 5252-km and 3900-km transmission with baud 

rates of 96 GBaud [170] and 120 GBaud [171] respectively. By contrast, the DBI technique 

implemented with three 35-GHz DACs and high frequency RF components by X. Chen (from Nokia 

Bell labs) outperforms the aforementioned electrical approaches in terms of signal baud rates, with 

experimentally demonstrated 195-GBaud PAM4 and 180-GBaud QPSK [173]. 

Table 5.1: Comparison between different electrical techniques for high symbol rate signal generation. 

Type of electrical 
scheme 

Baud rates 
(GBaud) 

Digital pre-
equalization 

Joint sub-band 
processing 

Optical 
equalizer 

All high-speed 
DACs [17,153–157] 

42.7-105 Full-band No No 

ETDM [158–169] 41.4-180 No No Yes 

Analogue-multiplexed 
DACs [22,170–172] 

80-120 Sub-band Yes Yes [170–172] 
No [22] 

DBI [23,173,174] 176.2-195 Sub-band Yes Yes 

proposed SCM 62, 86 Sub-band No No 

Table 5.1 summarizes baud rates achieved by different electrical schemes since 2010. Given by 

significant achievements of the time or spectrum synthesis schemes, optical equalization performed by 

wavelength selective switches is used in these systems, which inevitably increases transponder cost and 
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complexity. Joint sub-band processing in the analogue-multiplexed DACs or DBI approaches for either 

signal generation or mixer spurious suppression also increases transmitter-side DSP complexity, while 

full-band digital pre-equalization in the all-DACs solution requires sufficient DACs’ resolution. By 

contrast, our proposed SCM technique using sub-band digital pre-equalization achieves moderate baud 

rates without requiring joint sub-band processing nor optical equalization.  

In this chapter, we consider two SCM schemes offering different levels of complexity and performance. 

The first scheme utilizing four DACs, a single IQ mixer, diplexers, and simple transmitter-side DSP 

achieves 62-GBaud SCM 16QAM signal. The use of IQ mixer enables simple RF oscillator suppression 

through DC offset optimization without sacrificing DAC resolution and allows a flexible choice of the 

RF oscillator frequency with the help of digital frequency shift. However, double sideband modulation 

results in low spectral efficiency of ~2.7 b/s/Hz/polarization and a high OSNR penalty of 6.6 dB at 7% 

HD-FEC threshold. To mitigate these problems while maintaining simple transmitter-side DSP, we add 

an extra IQ mixer, an electrical 90-degree hybrid and two DACs in the second scheme. The electrical 

hybrid assisted TSSB modulation not only eliminates joint sub-band processing in the transmitter but 

also makes full use of the transmitter optical bandwidth. Based on such scheme, we experimentally 

demonstrate an 86-GBaud (over three sub-bands and one polarization) SCM signal with improved 

spectral density of ~3.6 b/s/Hz/polarization and reduced implementation penalty (at 7% HD-FEC 

threshold) of 2 dB benefitting from a 31-tap DDLMS-based MIMO equalizer for inter sub-band 

crosstalk mitigation.  

5.2 62-GBaud SCM 16QAM signal using single IQ mixer 

5.2.1 Principle for 62-GBaud transmitter design 

 
Figure 5.1: Architecture of single IQ mixer based 62-GBaud transmitter. 

Figure 5.1 depicts the architecture of 62-GBaud SCM signal generation using a single IQ mixer. As 

shown in Figure 5.1(f), the generated 62-GBaud optical signal can be sliced into three bands, i.e. LSB, 

baseband (BB) and USB. It is worthy to note that the information of LSB and USB are conjugated, as 



 
 

87 
 

the up-converted electrical signal input to one port of the IQ modulator results in double sideband 

modulation. The 38-GBaud Nyquist shaped (roll-off factor of 0.05) signal for BB with the frequency 

range from -20 GHz to 20 GHz [see Figure 5.1(a)] is directly generated from two 25-GHz 8-bit 64-

GSa/s DACs. The analogue quadrature part [BBq, see Figure 5.1(c)] is electrically combined with an 

up-converted signal through a diplexer (Marki Microwave, DPX-1721) with a low-pass band of DC-17 

GHz and a high-pass band of 21.5-40 GHz [175]. Due to limited low-pass bandwidth of the diplexer, 

the 38-GBaud BBq signal is distorted, which can be alleviated by a receiver-side time-domain equalizer 

based digital pre-emphasis [176] (explained in more details in Section 5.2.3.3). To balance the 

performance of BBi and BBq, the other diplexer is employed before sending BBi to the IQ modulator 

with 6-dB bandwidth of 45 GHz. Considering the fixed frequency of 33 GHz for the available RF 

oscillator in our lab, the intermediate frequency of DC-20 GHz and RF frequency of 18-45 GHz for IQ 

mixer (Marki Microwave, MLIQ-1845) as well as the diplexer’s high passband of 21.5-40 GHz, symbol 

rate of 24 GBaud is decided for USB/LSB. The Nyquist shaped 24-GBaud signal is digitally shifted by 

-2.1 GHz in order to reduce the gap between sub-bands, and then converted to the analogue signal 

through 25-GHz 8-bit 64-GSa/s DACs. The bandwidth of the output analogue signals covering 

frequency range from -14.7 GHz to 14.7 GHz [Figure 5.1(d)] is increased by 4.2 GHz due to this 

negative frequency shift. 

5.2.2 Experimental setup 

 

Figure 5.2: Experimental setup for single IQ mixer based 62-GBaud signal generation. OBPF: optical bandpass 
filter.  

The experimental setup for the 62-GBaud signal generation with a single IQ mixer is shown in Figure 

5.2, where the data for both BB and USB is generated offline in Matlab before being loaded to the 

memory of the AWG. In the transmitter-side DSP units, 215-1 PRBSs are firstly generated before 

differential bit encoding [33] to mitigate bit errors induced by cycle slips. After symbol mapping, the 

signals are up-sampled to 2 Samples/symbol before Nyquist pulse shaping with 0.05 square root raised 

cosine filters. A receiver-side adaptive equalizer based digital pre-emphasis is then applied to each 

individual signal to compensate for the frequency roll-off. After resampling to 64 GSa/s, digital 
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frequency shift (-2.1 GHz for USB, 0 for BB) is introduced before IQ skew compensation. The 24-

GBaud 16QAM signal is directly up-converted by 33 GHz through the IQ mixer before being combined 

with the quadrature of the 38-GBaud baseband signal through one diplexer, with the other diplexer used 

for the in-phase part of BB. Two 55-GHz bandwidth and 23-dB gain electrical amplifiers (SHF S807B) 

are utilized before driving the 45-GHz (6-dB bandwidth) IQ modulator (Oclaro HB PM-QMZM) biased 

at null points.  

Due to limited analogue bandwidth (33 GHz) and sampling rate (100 GSa/s) of the oscilloscope 

(Tektronix DPO77002SX), the BB and USB signals need to be detected separately by tuning the local 

oscillator frequency. In terms of OSNR measurement, a high-resolution (150 MHz) OSA and the 

spectral integration method [142] with an integration bandwidth of 144 GHz are employed. Considering 

the nonlinear power measurement of OSA, a linearity correction factor of 0.978 is applied to all the 

measured OSNRs. Offline DSP for the data captured at 100 GSa/s includes resampling to 2 

Samples/symbol, matched filtering using 0.05 square root raised cosine filters with centre frequencies 

equal to the estimated frequency offsets, GSOP-based IQ imbalance compensation [61], and frequency-

domain 4th-power clock recovery [68]. After polarization de-rotation using 25-tap RV radius-directed 

adaptive equalizer, FFT-based 4th-power FO compensator [81] and blind phase search algorithm [93] 

are employed for carrier recovery. The decided bit streams are differentially bit decoded before the final 

error counting.  

5.2.3 Operation principles  

5.2.3.1 IQ modulator bias tuning 

Despite only single-polarization 62-GBaud signal is generated in this scheme, the deployed 35-GHz (3-

dB bandwidth) LiNbO3 IQ modulator can support independent signal generation for both polarizations. 

It has three DC biases for each polarization, two of which are used to control two sub-MZMs with 

another one for the optical phase shift tuning. We calibrate the DC biases of the IQ modulator for one 

polarization firstly and then repeat the same operation for the other polarization, both of which follow 

the same rule that two sub-MZMs are calibrated before the phase bias optimization.  

To bias the in-phase MZM (X polarization) at null point, we input a 10-GHz sine wave signal generated 

from the 64-GSa/s DAC to drive this sub-MZM only and tune the corresponding DC bias to suppress 

the 2nd-order harmonics measured by the high-resolution OSA. We find that monitoring the 2nd-order 

harmonics instead of the optical carrier is more accurate and useful when the other three sub-MZMs 

have severe bias imperfection. The principle for this operation is given as follows. For a push-pull 

LiNbO3 IQ modulator, the general transfer function can be written as: 

 cos , ,

,

,

, ∙ cos , ,

,
.   (5.1) 
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, 	and , 	refer to the DC biases of two sub-MZMs (e.g. MZM_I and MZM_Q in Figure 2.7) with 

respective RF driving signals of , 	 and	 , , while , 	represents the optical phase bias. 

,  and	 ,  are half-wave voltages of MZM_I and MZM_Q respectively. ,  is the required 

voltage to induce a π phase difference between the two sub-MZMs. Here, we assume that the DC and 

RF half-wave voltages of each sub-MZM are the same. In the case of only MZM_I driven by a sine 

wave signal with power, frequency, and phase of P, ω, and θ respectively, i.e. ,

√2 sin  and , 0, the transfer function becomes: 

 cos , √ ∙

,
cos ,

,
∙ exp ,

,
.  (5.2) 

Equation (5.2) can be simplified to: 

 cos ∅ , sin ,  (5.3)  

where ∅ ,
,

,
, ∙

,
, cos ,

,
, ,

,
. 

Using the first-kind Bessel function expansion, we obtain: 

 ∙ cos ∅ , cos ∅ , ∑ cos 2    

 sin ∅ , ∑ sin 2 1 .  (5.4) 

The first term in Eq. (5.4) is related to the output optical carrier with the power transfer function of: 

 cos ∅ , cos sin .  (5.5) 

Equation (5.5) shows that the maximum optical carrier suppression is not necessarily achieved at null 

point (i.e. ∅ , ), as it also depends on the DC bias of MZM_Q and the optical phase bias. By 

contrast, the power of the even harmonics [the 2nd summation term in Eq. (5.4)] and odd harmonics [the 

3rd summation term] is only associated with the DC bias of MZM_I. When MZM_I is operating at null 

point (i.e. ∅ , ), Eq. (5.4) shows that only odd harmonics are generated while the even harmonics 

are suppressed. For small signal modulation (input signal power lower than 15 dBm), only small order 

(less than four) harmonics are observable. Therefore, the optimized DC bias for MZM_I can be achieved 

by suppressing the 2nd-order harmonics. The null-point bias for MZM_Q can be also achieved using the 

same approach.   

After biasing the two sub-MZMs at null points, we input a 10-GHz RF sine wave to MZM_I and its 

Hilbert transform (cosine wave) to MZM_Q simultaneously, both of which are generated utilizing the 

64-GSa DACs. We tune the phase bias by maximizing the power ratio between the negative and positive 

1st-order sidebands. However, we realize that this operation requires pre-calibration of amplitude 

imbalance and delay between the two RF paths (from the output of the DACs to the RF input ports of 

the IQ modulator), which can be performed using a calibrated oscilloscope (replacing the IQ 

modulator). With IQ skew (∆ ) and imbalance (  and ) taken into account, the transfer function of 

the IQ modulator can be written as: 
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1
2
sin sin ∙ sin cos ∆  

 ∑
∆ ∙ 1 j ∙
∆ ∙ 1 j ∙

.  (5.6) 

Therefore, the obtained power ratio between the 1st-order sidebands (m=1) with negative and positive 

frequencies is: 

 , /
∆ ∙ ∙

∆ ∙ ∙
.  (5.7) 

This shows that the IQ imbalance and IQ skew have an impact on the phase bias determined by 

maximizing the power ratio. It is accurate only when the IQ imbalance and skew are compensated (i.e. 

 and ∆ 0). In this case, the power ratio is equal to , with the maximum value achieved 

at /2 (the desired phase bias) for ∈ , . This means that the negative 1st-order optical 

sideband is generated while its optical image is suppressed. 

5.2.3.2 Residual RF tone suppression 

In our scheme, the 33-GHz RF oscillator is power amplified to ~17.2 dBm before input to the IQ mixer 

in order to achieve good conversion efficiency. Nevertheless, balun imbalance and diode mismatch in 

commercial IQ mixers cause DC offsets and finite isolation between the LO and RF ports, therefore, 

resulting in carrier feedthrough. During the experimental demonstration, we observed that the residual 

RF tones within the up-converted signals led to unstable operation of the adaptive equalizer and an 

OSNR penalty. To optimize system performance, the residual RF tones need to be suppressed, which 

can be achieved by either utilizing digital pre-compensation in the transmitter-side DSP [174] or 

adjusting DC bias in the case of balanced mixers (e.g. the IQ mixers deployed in our system).  

To simplify the transmitter-side DSP, the DSP-less approach is adopted. Tuning DC offsets of the AWG 

(Keysight M8195A) artificially induces diode imbalance, which can counteract the intrinsic balun 

imbalance and improve LO-RF isolation of the IQ mixer, leading to the suppression of residual RF 

tones. This is similar to the principle of the method that DC biases applied to an optical Mach-Zehnder 

modulator overcome intrinsic sub-arm imbalance. Decreasing the negative digital frequency shift 

pushes the LSB/USB towards the optical carrier. In this way, the residual RF tones (±33 GHz away 

from the optical carrier) can be well distinguished from the LSB/USB as long as the negative frequency 

shift is small enough. In order to illustrate the achieved suppression level, we digitally shift the 24-

GBaud signal by -14 GHz (in Figure 5.3) instead of -2.1 GHz (in Figure 5.9) before up-conversion.  

Then we optimize the DC offsets of the AWG until good suppression of the RF carriers is achieved. 

Figure 5.3 shows that the residual RF tones have been suppressed by ~40 dB with optimal DC offsets.  
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Figure 5.3: Optical spectra of the combined 38-GBaud and -14-GHz digitally frequency shifted 24-GBaud signals 
at default (0 V) or optimized DC offsets of AWG. 

5.2.3.3 Digital pre-emphasis 

Digital pre-emphasis is a useful technique in optical communication systems to deal with signal 

distortion caused by bandwidth limitation, which can be achieved by implementing FFT on both 

transmitted and received signals using either training sequences  [177,178] or multi-carrier scheme 

(commonly OFDM [174]). In this system, we employ a receiver-side time-domain adaptive 

equalization  [176] for digital pre-emphasis, which is blind to the data pattern and does not require 

precise symbol alignment or additional DSP. The principle for such time-domain pre-equalizer can be 

found in [176], where homodyne detection at high OSNR is used for channel estimation. Due to the 

limited bandwidth of our coherent receiver, sub-band detection with separately tuned local oscillator 

frequency is utilized for each sub-band calibration at maximum available OSNRs. Four 43-tap T/2 

adaptive FIR filters with complex-valued weights optimized through RDA are employed after the 4th-

power FFT-based FO compensation in the receiver. The long tap length utilized in this one-time 

calibration can reduce the inter-symbol interference impact and achieve more accurate channel 

estimation. However, a shorter tap length (25) is employed for polarization de-rotation in the receiver-

side DSP by taking complexity into account.     

Figure 5.4 shows the achieved magnitude response (over ten measurements) of the 43-tap digital pre-

equalizer for BB and USB. We can see from Figure 5.4(a) that the USB signal suffers from larger 

attenuation when frequencies are outside ±10 GHz. Digital frequency shift of -2.1 GHz results in the 

up-converted 24-GBaud double sideband electrical signal occupying positive frequency spectrum from 

18.3 GHz to 43.5 GHz with a central frequency of 30.9 GHz (the negative sideband is symmetrically 

located). Considering limited high passband (21.5-40 GHz) of the diplexer, the USB signal is 3.2 GHz 

and 3.5 GHz over the bandwidth limitation, which results in larger signal distortion at frequencies over 

the passband. This corresponds to two comparable magnitude peaks shown in Figure 5.4(a). By contrast, 
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~4.1-dB spectral attenuation is observed for the BB signal, which can be attributed to the 

uncompensated Sinc response of the DACs and the limited low-pass band (DC-17 GHz) of the diplexer. 

The achieved pre-equalizer weights are then applied to each sub-channel signal at 2 Samples/symbol in 

the transmitter-side DSP. Figure 5.5 demonstrates that Nyquist shaped profiles for both USB and BB 

haven been achieved thanks to digital pre-emphasis. The resulted performance improvement will be 

discussed in Section 5.2.4.   

 

Figure 5.4: Achieved digital pre-equalizer weights for (a) 24-GBaud USB signal (without digital frequency shift 
of -2.1 GHz) and (b) 38-GBaud BB signal based on the 43-tap receiver-side time-domain equalizer.    

 

Figure 5.5: Power spectral density of the received (a) USB and (b) BB signals after matched filtering.    

5.2.3.4 IQ skew calibration 

For optical communication systems with high baud rate and high-order modulation formats, timing 

misalignments (skews) between in-phase and quadrature tributaries from both transmitter and receiver 

can result in severe performance degradation. In our experiment, the receiver-side skew is calibrated 

using the de-skew function of the commercial software (Tektronix OM1106), which basically measures 

the average phase slope and calculates the relative path delays (skews) by changing the frequency 

spacing of two tuneable lasers in a step of 500 MHz. After that, the achieved skews for each channel 

(Ix, Iy, Qx, Qy) are pre-compensated in the 100-GSa/s oscilloscopes without using additional DSP in 

offline processing.  
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The transmitter-side IQ skew, which can come from the DACs, deployed RF components (e.g. IQ 

mixers, RF cables and driver amplifiers etc.) or the optical IQ modulator, needs to be calibrated 

separately for each sub-band signal. Firstly, to calibrate the IQ skew for the 38-GBaud BB signal, we 

digitally shift the BB signal by 21 GHz to generate a digital SSB signal and then introduce a trial delay 

to only the quadrature component before loading to the memory of the AWG. The transmitter-side IQ 

skew compensation is achieved when the SSB suppression ratio (i.e. the power ratio between the desired 

SSB signal and its optical image) measured by the high-resolution OSA is maximized.  

Assuming that the digital baseband signal (with real and imaginary information of 	and 	  

respectively) is frequency shifted by ∆ 	(>BaudRate/2) and the analogue quadrature signal is delayed 

by τ with regard to the in-phase counterpart, the modulated optical signal in the condition of small signal 

modulation and ideal IQ operation can be written as: 

 
√

j ∆ j ∙ j ∆ ∗ . ., (5.8) 

where  and  refer to the amplitude and angular frequency of the optical carrier, and 	represents the 

modulation index. If we perform Fourier transform on the optical signal with the positive frequency 

	in Eq. (5.8), we will get its frequency-domain representation as: 

                     S 1 ∙ ω ∆ j ω ∆  

 1 ∙ ω ∆ j ω ∆ ,  (5.9) 

where the 1st big bracket term represents the desired optical SSB signal centred at ω ∆ , while the 

2nd big bracket term refers to its optical image (with a centre frequency of ω ∆ ) that symmetrically 

locates about the optical carrier. From Eq. (5.9), we can see that only zero IQ skew (i.e. 0  enables 

no optical image and the total signal power is constrained within the desired SSB signal, thus the 

maximum SSB suppression ratio is achieved.  

 

Figure 5.6: (a) Optical spectra and (b) SSB suppression ratios of the 38-GBaud BB signal with 21-GHz digital 
frequency shift at varied transmitter-side IQ skews. 

To illustrate this property, we digitally frequency shift the 38-GBaud BB signal by 21 GHz and 

introduce varied delays to the quadrature signal before ideal IQ modulation. As shown in Figure 5.6(a), 
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the power of the symmetrically located optical image increases with the transmitter-side IQ skew, 

leading to decreased SSB suppression ratio in Figure 5.6(b). The dramatic change of SSB suppression 

ratio (~15.5 dB) for 1-ps IQ skew in Figure 5.6(b) allows sub-picosecond level compensation. For the 

up-converted USB signal, we use the same calibration technique. Specifically, we digitally frequency 

shift the 24-GBaud data by 14 GHz to generate an SSB signal and then maximize the SSB suppression 

ratio. The only difference with respect to IQ skew calibration for the BB signal is that the induced 

optical image for SSB USB signal is located symmetrically around the optically up-converted RF 

oscillator tones [ω 33	GHz in Figure 5.7(a)] instead of the optical carrier [ω  in Figure 5.6(a)]. Since 

the up-converted signal for USB is input to only one port of the ideal IQ modulator, a double sideband 

signal (about the optical carrier) is observed in Figure 5.7(a). The measured SSB suppression ratios at 

varied IQ skew values are displayed in Figure 5.7(b), where the largest suppression is achieved at zero 

skew and 1-ps IQ skew decreases SSB suppression ratio by ~12 dB. Comparing Figure 5.6(b) with 

5.7(b), we can see that for the same IQ skew value, the obtained SSB suppression ratio for 38-GBaud 

BB signal is lower than that for 24-GBaud USB. This indicates that the IQ skew impairment has larger 

impact on the higher baud rate signal, emphasizing the importance of skew calibration in high-speed 

optical systems.  

 

Figure 5.7: (a) Optical spectra and (b) SSB suppression ratios of the 24-GBaud USB signal with 14-GHz digital 
frequency shift at varied transmitter-side IQ skews. 

5.2.4 Experimental results  

We firstly investigate the B2B transmission performance of the BB and USB signals (with/without 

digital pre-emphasis) separately. Compared with the theory of 24-GBaud differential bit encoded 

16QAM (named D16QAM in the legend), an OSNR penalty of 6.2 dB at 7% HD-FEC threshold is 

observed in Figure 5.8 for USB without digital pre-compensation. This can be attributed to the limited 

high-pass bandwidth (21.5-40 GHz) of the diplexer, since the 24-GBaud up-converted electrical signal 

occupying positive frequency range from 18.3 GHz to 43.5 GHz has ~6.7 GHz outside this bandwidth. 

By contrast, the implementation penalty for the BB signal is much smaller (~3.4 dB), indicating less 

signal distortion induced by the low-pass band of the diplexer. Note that an integration bandwidth of 
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34 GHz (i.e. excluding the LSB signal) is used to measure the OSNRs for USB. With digital pre-

emphasis, the USB signal performance is improved by 4.2 dB, while 1.2 dB for BB. The final 

implementation penalties at 7% HD-FEC threshold for the USB and BB signal are 2 dB and 2.2 dB 

respectively.  

 

Figure 5.8: OSNR performance of individual 24-GBaud USB (blue) or 38-GBaud BB (green) signals with (solid 
square) and without (hollow square) digital pre-emphasis. 

Combining the 38-GBaud baseband and 24-GBaud up-converted signals together in the electrical 

domain yields a 62-GBaud SCM signal with an optical bandwidth of 87 GHz [see Figure 5.9(a)]. An 

implementation penalty of ~6.6 dB is observed in Figure 5.9(b), and the inset constellations show that 

the final BER is mainly dominated by the BB signal, which suffers from severe sub-channel crosstalk 

from both LSB and USB. The included LSB signal power when measuring the OSNRs also contributes 

to the large OSNR penalty.  

7% HD-FEC Threshold

(b)

6.6 dB

BB

USB

 

Figure 5.9: (a) Optical spectrum and (b) BER performance of the 62-GBaud SCM 16QAM signal with inset 
constellations for USB and BB signals at OSNR of 32.8 dB. 
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5.2.5 System improvement by hybrid-assisted SSB modulation  

 
Figure 5.10: OSNR performance of the 62-GBaud SCM 16QAM system with/without the ideal electrical 90-degree 
hybrid in the case of zero or -2.1-GHz frequency shift. 

 
Figure 5.11: Optical spectra of the 62-GBaud SCM 16QAM signal with/without LSB suppression in the case of 
(a) zero or (b) -2.1-GHz digital frequency shift.  

A direct way to improve the OSNR performance of the single IQ mixer based 62-GBaud system is 

suppressing the LSB, since the information on the LSB is conjugated to that on the USB. It can be 

achieved either using a bandpass optical filter or employing a passive electrical 90-degree hybrid, which 

is wavelength independent and more cost-effective. Figure 5.10 compares the numerical performance 

of the 62-GBaud SCM 16QAM system with/without an ideal hybrid at zero and -2.1-GHz digital 

frequency shift. With no digital frequency shift nor electrical 90-degree hybrid, the 62-GBaud SCM 

signal suffers from 1.8-dB OSNR penalty at 7% HD-FEC threshold with respect to theory. Ideal 

electrical 90-degree hybrid effectively suppresses LSB [Figure 5.11(a)] and improves OSNR 

performance by 1.4 dB, which is close to our expectation of ~1.5 dB (10 1og 87/ 87 24

1.05 ) by subtracting the power of the LSB signal from the whole signal. The introduction of -2.1-

GHz digital frequency shift in the transmitter diminishes the guard band between sub-channels [cf. 

Figure 5.11(a) and 5.11(b)] and thus slightly improves spectral efficiency. However, the increased sub-
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channel crosstalk degrades system performance by 2 dB compared with zero frequency shift and no 

LSB suppression. When the LSB is suppressed through the electrical hybrid, the resulted OSNR 

performance is improved by 2.7 dB, while is still 0.7 dB worse than that without frequency shift due to 

higher sub-band crosstalk between USB and BB.   

5.3 TSSB modulation  

Numerical results presented in the last section have demonstrated that hybrid-assisted LSB suppression 

indeed improves the performance and spectral density of single IQ mixer based 62-GBaud system. To 

further increase the baud rate whilst minimizing OSNR penalty and maintaining high spectral 

efficiency, TSSB modulation with independent data on two optical sidebands is a good option. It can 

be achieved either using transmitter-side digital pre-processing (e.g. digital frequency shift to the 

baseband signals with a following digital signal combination [129]) in the case of sufficient DAC 

bandwidth or utilizing an electrical four-port 90-degree hybrid with two separate input analogue 

signals [130]. To compare the digital and analogue approaches for TSSB modulation, we firstly 

consider a 48-GBaud (24 GBaud for LSB and USB) TSSB system without the 38-GBaud BB signal 

and then analyse the combined 86-GBaud signal in Section 5.4. 

5.3.1  Transmitter-side DSP scheme 

5.3.1.1 Principe of joint sub-band processing  

Since the available DACs in our lab have a limited analogue bandwidth of 25 GHz and the 24-GBaud 

LSB/USB signals occupy spectrum from ~20 GHz to ~45 GHz, joint sub-band processing on the data 

pairs is required in the transmitter-side DSP. Assuming that the desired information for two optical 

sidebands before up-conversion can be written as: 

 
j
j

  (5.10) 

where  and	  represent the real and imaginary information of the baseband signal  ( 1,2) 

at time . The output signals of two ideal IQ mixers herein will be: 

 
cos sin ,
cos sin ,

  (5.11) 

where  refers to the frequency of the RF oscillator input to the 	 1,2  IQ mixer. The two up-

converted signals ( 	and ) are then separately sent to the IQ modulator with sub-MZMs biased at 

null points and a 90-degree phase shift in between (IQ operation). Under small signal approximation, 

the generated optical signal after IQ modulator can be expressed as:  

 E
√

cos sin j cos sin . .. (5.12) 

Here,  and  refer to the amplitude and angular frequency of the optical carrier, and 	represents the 

modulation index. When the same RFOs (i.e. ) are sent to the two IQ mixers, Eq. (5.12) using 

exponential expansion can be written as: 
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 E
√

j ∗ j ∗ . .. (5.13) 

We can see that the desired information  and  are mixed in the two symmetrically located optical 

sidebands with centre frequencies of . In order to produce independent data on each sideband, 

joint sub-band processing on the desired signal pair is necessary. This can be realized by imposing the 

new baseband signals (before the two IQ mixers) to fulfil the following relations: 

 
∗ 					,

j ∙ ∗ .
  (5.14) 

Following the same derivation process, the optical signal at the output of the IQ modulator will be: 

 E
√

. ..   (5.15) 

This demonstrates that with digital sub-band processing, the desired signals  and  are separately 

modulated to two optical sidebands as expected. 

5.3.1.2 Simulation setup 

 
Figure 5.12: Simulation setup for 48-GBaud TSSB system using two IQ mixers with transmitter-side DSP. 

To verify the feasibility of joint sub-band processing based TSSB modulation, we numerically study 

the OSNR performance of a 48-GBaud TSSB B2B system (excluding the 38-GBaud BB signal) with 

the simulation setup shown in Figure 5.12. The transmitter-side DSP mainly includes 215-1 PRBS 

generation, differential bit encoding, symbol mapping (to 16QAM), up-sampling (to 16 

Samples/symbol), Nyquist pulse shaping with 0.05 square root raised cosine filters, and joint sub-band 

processing [Eq. (5.14)]. Two ideal IQ mixers with 33-GHz RFOs are utilized for signal up-conversion, 

and the two up-converted signals are separately inputted to the IQ modulator with a modulation loss of 

28.5 dB. To emulate polarization rotation, a linear polarizer with rotation angle 30º is employed. The 

rotated TSSB optical signal is then combined with power tuneable white Gaussian noise (WGN) before 

the optical amplifier with 6-dB noise figure and constant output power of 8 dBm.  

Offline DSP on the full-band detected LSB and USB signals using a 43-GHz coherent receiver includes 

digital frequency shift (33 GHz for LSB, -33 GHz for USB), resampling (2 Samples/symbol), matched 

filtering (roll-off factor of 0.05 and centre frequency equal to the estimated FO), polarization de-rotation 
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using four 25-tap T/2 adaptive equalizer with complex-valued weights updated based on radius directed 

algorithm, and carrier recovery utilizing FFT-based fourth-power FO estimation and a blind phase noise 

compensation. After symbol de-mapping on the recovered data, differential bit decoding is implemented 

on the resulting bit streams before the final error counting.  

5.3.1.3 OSNR performance  

 
Figure 5.13: OSNR performance of 48-GBaud TSSB system based on joint sub-band processing in the transmitter-
side DSP. Hollow circles represent 1-dB power difference (PD) between the two RFOs, while solid circles are for 
0-dB PD. D16QAM: differential bit encoded 16QAM. 

Figure 5.13 shows the OSNR performance of the 48-GBaud TSSB 16QAM system using joint sub-

band processing in the transmitter. In the ideal case (red solid dots), the simulated performance matches 

well with theory. To emulate practical implementation, IQ skews of 1 ps (precision of commercially 

available phase matched RF cables) are introduced to the 24-GBaud signals before up-conversion (i.e. 

τ1=τ2=1 ps in Figure 5.12), which gives negligible OSNR penalty with respect to the ideal case. 

However, the 1-ps delay (τ3=1 ps) between the two up-converted signals degrades the performance by 

~2.2 dB. Apart from these impairments, a reasonable power difference of 1 dB and a phase delay of 1 

ps (τ4=1 ps) between the two RFOs (power split from the same RF source) are also considered. The 

pink solid dots and navy hollow circles in Figure 5.13 show 18-dB OSNR penalties induced by the 1-

ps phase delay between two RFOs (regardless of the power difference). By contrast, the 1-dB power 

difference of the synchronized RFOs (τ4=0 ps) only degrades the performance by 2.2 dB compared with 

the case using two identical RFOs. This indicates that the joint sub-band processing based TSSB system 

is extremely sensitive to the phase difference between two RFOs, highlighting the importance of 

synchronization for acceptable performance.  

As shown in Figure 5.14(a) and 5.14(b), SSB suppression ratios for both USB and LSB signals are 19.5 

dB in the case of synchronized RFOs. However, when there is 1-ps delay between the two RFOs, the 

image suppression ratio is reduced by 6 dB. The residual optical images of LSB and USB induce 
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sideband crosstalk within the TSSB signal (generated by inputting both up-converted electrical signals 

to the electrical 90-degree hybrid simultaneously), leading to this 18-dB OSNR penalty.  

 

Figure 5.14: Optical spectra after IQ modulator with only (a) USB and (b) LSB signal in the case of 1-ps IQ skews 
and 1-dB PD of the RFOs with or without 1-ps phase delay. 

5.3.2 Analogue method with a four-port electrical 90-degree hybrid 

The principle of the analogue method using a 2×2 electrical 90-degree hybrid for TSSB modulation has 

been mathematically described in Section 4.3.1, where the hybrid imperfections impact on the 200-Gb/s 

DDQPSK system is also studied. For a fair comparison with the aforementioned digital approach, both 

hybrid imperfections (amplitude difference of 1 dB and phase imperfection of 5°) and 1-ps IQ skews of 

the signals before up-conversion and after the hybrid are considered when investigating the hybrid-

assisted 48-GBaud TSSB system performance. As the data for LSB and USB are independent in this 

scheme (without joint sub-band processing), the RF oscillator impairments only affect the power of the 

desired SSB signal. 

5.3.2.1 Simulation setup 

 

Figure 5.15: Simulation setup for 48-GBaud TSSB D16QAM system using two IQ mixers with a four-port 
electrical 90-degree hybrid. 

The simulation setup for the hybrid-assisted 48-GBaud TSSB system is shown in Figure 5.15. The only 

difference from Figure 5.12 (the setup for the digital scheme) is the use of a 2×2 electrical 90-degree 

hybrid instead of joint sub-band processing in the transmitter.  
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5.3.2.2 Numerical results  

 

Figure 5.16: OSNR performance of 48-GBaud TSSB differential bit encoded 16QAM system using ideal hybrid 
(dots) or imperfect hybrid (squares) with 1-dB amplitude difference or 5º phase imperfection. 

The performance of the 48-GBaud hybrid-assisted TSSB 16QAM system is shown in Figure 5.16. The 

required OSNR at 7% HD-FEC threshold in the case of the ideal hybrid without IQ skews or delay is 

~0.3 dB away from theory, which remains practically the same when 1-ps IQ skews are introduced to 

the analogue signals before two IQ mixers (i.e. τ1= τ2=1 ps). However, the system performance is 

degraded by ~2.2 dB due to the 1-ps delay (τ3=1 ps) between the two output signals of the ideal hybrid, 

which is the same as the OSNR penalty of 2.2 dB (blue solid dots) in Figure 5.13 for the joint sub-band 

processing scheme. By contrast, the imperfect hybrid with an amplitude difference of 1 dB and phase 

imperfection of 5º at the two output ports further degrades the system performance by 8.2 dB, with an 

observed BER floor of ~1.6×10-3. Comparing the orange curve with the purple curve, we can find that 

such high OSNR penalty is dominated by the hybrid amplitude imperfection, which results in 3.5-dB 

more OSNR penalty than the 5º phase imperfection at 7% HD-FEC threshold. 

5.4 86-GBaud SCM 16QAM Transmitter using IQ mixers and an 

electrical 90-degree hybrid 

The digital scheme for TSSB modulation shows poor tolerance to the phase delay between two RFOs 

(15.8-dB OSNR penalty for 1-ps phase delay), while the hybrid-assisted analogue method allows 

independent RFOs (thus simpler implementation) and exhibits more robustness to the transmitter 

imperfections. With additional advantage of simpler transmitter-side DSP, hybrid-assisted TSSB 

modulation is selected for further study in the next sections. The generated 48-GBaud TSSB signal 

combining with the 38-GBaud BB signal gives an aggregate symbol rate of 86 GBaud. 
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5.4.1 Principle 

The architecture of the 86-GBaud SCM transmitter is shown in Figure 5.17. As depicted in Figure 

5.17(k), the generated 86-GBaud optical signal consists of three bands (LSB: -44.6 GHz to -19.4 GHz, 

BB: -20 GHz to 20 GHz, and USB: 19.4 GHz to 44.6 GHz). Since the data for each sub-channel is 

independent, DACs with different sampling rates can be used. The 38-GBaud data [Figure 5.17(a)] is 

converted to analogue signals [e.g. Figure 5.17(d) for quadrature] with two 32-GHz 8-bit 76-GSa/s 

DACs. By contrast, the 24-GBaud data streams for LSB and USB are digitally frequency shifted by -1 

GHz, with the shifted baseband signals occupying -13.6 GHz to 11.6 GHz in Figure 5.17(b) and 5.17(c), 

before digital-to-analogue conversion with four 25-GHz 8-bit 64-GSa/s DACs. Insets (e) and (f) show 

that the output analogue signals cover frequency range from -13.6 GHz to 13.6 GHz, which is expanded 

by ±1 GHz compared with the case without digital frequency shift. The negative digital frequency shift 

pushes the generated LSB and USB optical signals towards the centre of the BB signal. Therefore, 

decreasing the negative frequency shift reduces the guard bands between BB and LSB/USB, cf. Figure 

5.17(k) (-1 GHz) and Figure 5.1(f) (-2.1 GHz), which yet increases sub-channel crosstalk. The digital 

frequency shift of -1 GHz utilized in this 86-GBaud transmitter instead of -2.1 GHz in Section 5.2 is to 

achieve acceptable performance (due to lower sub-channel crosstalk) and spectral efficiency. 

 

Figure 5.17: Architecture of 86-GBaud SCM transmitter using electrical hybrid and IQ mixers. 

Two IQ mixers and 33-GHz RF local oscillators are employed for signal up-conversion with two output 

signals [Figure 5.17(g) and 5.17(h)] covering frequency range from 19.4 GHz to 44.6 GHz and from -

44.6 GHz to -19.4 GHz. The electrical four-port 90-degree hybrid performs Hilbert transform on the 

two up-converted signals and signal combination at the output. That means the output signal at port 3 

is S1+Hilbert(S2), whilst S2+Hilbert(S1) for the signal at port 4. Here, S1 and S2 refer to the signals input 

to port 1 and 2 respectively. As shown in Figure 5.17(i), joint up-converted signals are achieved at both 
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outputs of the hybrid, which are then separately combined with the in-phase and quadrature of the 38-

GBaud BB data through two diplexers (each implementing low-pass and high-pass filter combination) 

before inputting to the IQ modulator. Comparing Figure 5.17(j) and 5.17(k), we can see that the 

electrical 90-degree hybrid coupled with the optical IQ modulator has suppressed the images for both 

LSB and USB, with independent data carried by LSB and USB (i.e. TSSB modulation). 

5.4.2 Experimental setup 

The experimental setup of the 86-GBaud SCM signal generation is shown in Figure 5.18. In the LSB 

and USB DSP units, independent 215-1 PRBSs are firstly generated and then differentially bit encoded 

to mitigate cycle slips. After symbol mapping, the signals are up-sampled to 2 Samples/symbol, and 

Nyquist pulse shaped with 0.05 square root raised cosine filters. Digital pre-emphasis based on a 43-

tap receiver-side adaptive equalizer (introduced in Section 5.2.3.3) is separately implemented for each 

band signal at 2 Samples/symbol. The pre-compensated 24-GBaud signals are resampled at 64 GSa/s 

and digitally frequency shifted by -1 GHz before IQ skew compensation. The in-phase and quadrature 

components generated in the DSP units are then loaded to the memory of the AWG (Keysight, M8195A) 

and converted to analogue signals before up-conversion through two passive IQ mixers with power 

amplified 33-GHz RFOs. The two up-converted signals are separately inputted to the 2×2 electrical 

passive 90-degree hybrid [135], which performs Hilbert transform and signal combination. 

 
Figure 5.18: Experimental setup for the 86-GBaud SCM 16QAM system. PS: phase shifter. 

In the BB DSP unit, every PRBS sequence is appended with one zero bit in order to make the symbol 

length to be a power of 2. Similar DSP steps are performed but with a different sampling rate of 76 

GSa/s for a symbol rate of 38 GBaud and no digital frequency shift. The I and Q components of the BB 

signal are separately combined with the two output signals of the 90-degree hybrid through two 

diplexers before power amplified by two 55-GHz bandwidth and 23-dB gain electrical amplifiers (SHF 
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S807B). The amplified signals are finally modulated to the optical carrier (center frequency of 192.4 

THz and linewidth of ~100 kHz) through the optical IQ modulator with 6-dB bandwidth of 45 GHz. 

Due to limited analogue bandwidth (33 GHz) and sampling rate (100 GSa/s) of the oscilloscope 

(Tektronix DPO77002SX), each sub-channel is detected separately by tuning the local oscillator 

frequency. In terms of the OSNR measurement, we use the same spectral integration method with 

integration bandwidth of 144 GHz and a linearity correction factor of 0.978. Offline processing on each 

sub-channel signal is the same as that introduced in Section 5.2.2 for 62-GBaud signal, except 

polarization de-rotation employing four 25-tap adaptive FIR filters with complex-valued weights 

optimized through the radius-directed equalizer. The final BER for the 86-GBaud signal is calculated 

by summing up the errors of each band signal over the total bit length.   

5.4.3 Transmitter-side IQ skew calibration 

The transmitter-side IQ skews in the 86-GBaud SCM system include the delay between the RF paths 

connecting DACs with diplexers (for BB, the red line in Figure 5.18) or two IQ mixers (for USB and 

LSB, yellow and light blue lines) and IQ delay after the electrical hybrid (the green line). Despite the 

use of an electrical hybrid, the image of the SSB USB/LSB electrical signal still locates about the up-

converted RF oscillator. Therefore, the IQ skew calibration technique introduced in Section 5.2.3.4 can 

be still utilized to compensate the first three skews for BB, USB and LSB. To compensate for the delay 

between two up-converted signals after electrical hybrid, we input the up-converted signal (without 

digital frequency shift) to only one port of the hybrid, and manually tune two RF phase shifters until 

SSB suppression ratio is maximized. It is worthy to note that the optical image in this case 

symmetrically locates about the optical carrier (the same as that for BB), since the electrical 90-degree 

hybrid generates the signal and its Hilbert transform.  

5.4.4 Experimental demonstration 

5.4.4.1 Performance improvement by digital pre-emphasis 

Figure 5.19 shows the magnitude response of the digital pre-equalizer for each sub-channel based on a 

43-tap receiver-side time-domain equalizer (as discussed in Section 5.2.3.3). We can see that the 

detected LSB signal suffers from larger attenuation at higher frequencies (over 8 GHz), which is 

opposite to the USB signal (frequencies less than -8 GHz) as expected. This is mainly induced by the 

limited high passband (21.5-40 GHz) of the diplexer, since the up-converted 24-GBaud electrical 

signals with central frequencies of ±32 GHz occupy the spectrum from 19.4 GHz to 44.6 GHz and from 

-44.6 GHz to -19.4 GHz. By contrast, ~5.4-dB spectral attenuation is observed for the BB signal, which 

is attributed to the uncompensated Sinc response of the DACs and low-pass band of the diplexer. The 

magnitude response of all the three sub-channels is within ±3 dB over the signal bandwidth, resulting 
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in a modest DSP overhead in the transmitter. Figure 5.20 shows that expected Nyquist shaped profiles 

have been achieved with the digital pre-equalizers utilized in the transmitter. 

 

 
Figure 5.19: Magnitude response of the receiver-side 43-tap adaptive equalizer for the channel estimation of (a) 
LSB, (b) BB and (c) USB. 
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Figure 5.20: Power spectral density of the received (a) LSB, (b) BB and (c) USB signals after matched filtering. 

The measured OSNR performance for individual sub-band signal with and without digital pre-emphasis 

is shown in Figure 5.21, where we can see that LSB behaves approximately the same as USB in both 

cases. Compensating for the components roll-off reduces the required OSNR penalty at 7% HD-FEC 

threshold by 1.1 dB, 1.3 dB and 1.5 dB for LSB, USB and BB signals respectively. Therefore, the 

implementation penalty at BER of 3.8×10-3 for individual LSB or USB is only ~1 dB, while 1.6 dB for 

BB, compared with the theory of differential bit encoded 16QAM (named D16QAM in the legend).  

 
Figure 5.21: Performance of 24-GBaud LSB (blue), 24-GBaud USB (green) or 38-GBaud BB (purple) signal 
using D16QAM modulation format with (solid circle) and without (hollow circle) digital pre-emphasis. 

5.4.4.2 OSNR performance  

Electrically combining these three band signals together generates the 86-GBaud signal with an optical 

bandwidth of 88.7 GHz [see Figure 5.22(a)], giving a spectral efficiency of ~3.6 b/s/Hz/polarization. 

The measured BER performance in Figure 5.22(b) shows a 6.2-dB implementation penalty compared 

with theory, which is mainly dominated by the performance of LSB and USB, as can be seen from the 

inset constellations. This is caused by sideband crosstalk within the TSSB signal, due to poor image 

suppression resulting from the imperfections of the deployed commercial 90-degree hybrid, the 
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imbalance and non-ideal biases of the IQ modulator. As shown in Figure 5.23(a), the measured SSB 

suppression ratios for the LSB and USB signal are 14.5 dB and 15 dB respectively.  

 

Figure 5.22: (a) Optical spectrum and (b) OSNR performance of the 86-GBaud SCM 16QAM signal with inset 
constellations for each recovered sub-channel signal at 33-dB OSNR.  

 

Figure 5.23: Optical spectra after IQ modulator in the case of (a) only one up-converted signal input to the 
commercial hybrid deployed in the 86-GBaud experimental system, (b) only USB data input to the ideal hybrid 
(black) or imperfect hybrid with 1.2-dB amplitude balance (blue) or 15º phase imperfection (red) or both 
impairments (green) in simulation. 

To evaluate the impact of hybrid imperfection on SSB suppression ratios, we employ an ideal IQ 

modulator in the simulation. Figure 5.23(b) shows that ideal electrical hybrid allows well suppression 

(~63.2 dB) of the optical image, while the SSB suppression ratio is reduced by 45.7 dB in the presence 

of maximum phase imperfection (15º) or amplitude difference (1.2 dB). With both impairments, the 

power of the optical image is only 14.5 dB lower than that of the desired SSB signal. In the case of 62-

GBaud SCM signal with SSB modulated LSB/USB, the power of the residual optical image does not 

affect the performance of the desired SSB signal, as indicated by the 1-dB implementation penalty for 

individual LSB and USB in Figure 5.21. However, when the two up-converted signals are 

simultaneously sent to two ports of the electrical hybrid, the residual optical images induce severe 

sideband crosstalk between LSB and USB, leading to large performance degradation.  
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5.4.4.3 Sideband crosstalk mitigation 

   
Figure 5.24: (a) Receiver-side DSP flows and (b) OSNR performance of the 48-GBaud single-polarization TSSB 
simulated system using a single 70-GHz full-band receiver in the case of ideal or imperfect electrical 90-degree 
hybrid with (solid circles) or without (hollow circles) 31-tap 2×2 MIMO equalizer. 

Since the performance of such single-polarization 86-GBaud SCM system is mainly limited by the 

sideband crosstalk between LSB and USB, we numerically investigate the performance of a single-

polarization 48-GBaud TSSB system (excluding the 38-GBaud BB signal) using an ideal electrical 90-

degree hybrid or an imperfect hybrid with specified impairments (i.e. amplitude difference of 1 dB and 

phase imperfection of 5º [135]). The generated LSB and USB signals with central frequency offset by 

32 GHz are simultaneously detected by a 70-GHz coherent receiver with the DSP flows shown in Figure 

5.24(a), where an optional 2×2 real-valued MIMO equalizer based on the DDLMS algorithm is 

implemented for sideband crosstalk mitigation. As depicted in Figure 5.24(b), the OSNR performance 

in the ideal case (ideal components, no IQ skews or delay) shows good confirmation with theory, with 

an observed 0.3-dB OSNR penalty at 7% HD-FEC threshold. By contrast, the imperfect hybrid with 

both impairments results in performance degradation of 2.9 dB without considering skews. The required 

OSNR is further increased by 7.5 dB when 1-ps IQ skews before up-conversion and 1-ps delay between 

two up-converted signals are introduced. As also indicated by Figure 5.16, such high OSNR penalty is 

mainly attributed to the sideband crosstalk between LSB and USB due to poor image suppression. 

 
Figure 5.25:  Structure of the 31-tap RV MIMO equalizer for sideband crosstalk mitigation.  
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Since such sideband crosstalk is linear signal distortion, a 2×2 RV MIMO equalizer with filter weights 

updated by DDLMS algorithm can be used to improve system performance. The 31-tap RV MIMO 

equalizer is applied to two sub-channel (LSB and USB) signals after carrier recovery at 1 

Sample/symbol with the structure shown in Figure 5.25. In order to achieve pre-convergence, the 

radius-directed algorithm is firstly activated to initialize the MIMO equalizer coefficients. An artificial 

FO of 1 MHz, which is compensated through carrier phase estimation (CPE) inside the MIMO, is 

employed to ensure stable operation of both equalizers. Green curves in Figure 5.24(b) show that 

without IQ skews nor delay, the 31-tap MIMO post-equalizer reduces the OSNR penalty by 2.4 dB at 

7% HD-FEC threshold, which is only 0.5 dB worse than the ideal system performance. For imperfect 

hybrid with 1-ps IQ skews and 1-ps delay (blue curves), a larger performance improvement of 9.6 dB 

is observed by using MIMO. The resulted OSNR performance shows negligible penalty compared with 

the case without any delay (green curve with solid dots).  

 
Figure 5.26: OSNR penalty (at 7% HD-FEC threshold) with respect to the ideal case of a single-polarization 48-
GBaud TSSB system using a 31-tap 2×2 MIMO equalizer at varied SSB suppression ratios.  

The B2B transmission performance of the single polarization 48-GBaud TSSB system with 31-tap RV 

2×2 MIMO equalizer for sideband crosstalk mitigation at different SSB suppression ratios is also 

numerically investigated. In simulation, we only consider varied electrical hybrid imperfections (using 

ideal IQ modulator without IQ skews or delay) leading to poor image suppression (approximately the 

same for both sidebands), and compare the penalties of required OSNR (at 7% HD-FEC threshold) with 

respect to the ideal case [18.9 dB, red curve in Figure 5.24(b)]. As shown in Figure 5.26, the 31-tap RV 

2×2 MIMO can effectively compensate for sub-band crosstalk with OSNR penalty less than 1 dB when 

the power difference between the desired optical SSB signal and its image is more than 15 dB. Further 

decreasing SSB suppression ratio aggregates sideband crosstalk with the OSNR penalty increased by 

~2.8 dB for SSB suppression ratios reducing from 13.1 dB to 12.2 dB.  

In the case of polarization multiplexing, a 4×4 MIMO equalizer instead of two 2×2 MIMO equalizers 

will be required for TSSB sub-band crosstalk mitigation, since the polarization states of the recovered 
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LSB and USB signals are not known. To verify this feasibility, we numerically study the performance 

of a dual-polarization 48-GBaud TSSB system using ideal or the imperfect electrical hybrid without 

considering transmitter-side skew. The receiver-side DSP flows are shown in Figure 5.27(a), where an 

optional 4×4 RV MIMO equalizer is performed after carrier recovery on four recovered signals (two 

sideband signals per polarization) for sideband crosstalk mitigation. Figure 5.27(b) shows that hybrid 

imperfection degrades the OSNR performance by 3 dB at 7% HD-FEC threshold compared with the 

case using an ideal electrical 90-degree hybrid. With the help of 31-tap 4×4 MIMO equalizer, the OSNR 

penalty is reduced by 2.3 dB thanks to the alleviated sub-band crosstalk. Comparing Figure 5.24(b) with 

Figure 5.27(b), we observe that the performance improvement brought by the 4×4 MIMO in the pol-

mux case is roughly the same as that in single polarization situation using a 2×2 MIMO post-equalizer. 

 

Figure 5.27: (a) Receiver-side DSP flows and (b) OSNR performance of the simulated dual-polarization 48-
GBaud TSSB signal detected by a single 70-GHz full-band receiver in the case of an ideal or imperfect electrical 
90-degree hybrid with/without a 31-tap 4×4 MIMO equalizer. 

We subsequently experimentally demonstrate the benefit of such a MIMO post-equalizer for sideband 

crosstalk mitigation in our high baud rate system. Since LSB and USB signals are separately detected, 

sideband synchronization is implemented on the phase noise compensated two sub-channel signals 

before inputting to the 31-tap RV MIMO post-equalizer. Figure 5.28(a) shows that the implementation 

penalty of the 86-GBaud transmitter is reduced to 2 dB thanks to the use of MIMO post-equalizer. 

Obvious system performance improvement can be also validated by simply comparing the inset 

constellations for LSB and USB in Figure 5.22(b) and Figure 5.28(a) at the same OSNR (33 dB).    
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Figure 5.28: (a) Experimental demonstration of the 31-tap RV MIMO equalizer for sideband crosstalk mitigation 
in the 86-GBaud system with inset constellations for each recovered sub-channel signal at 33-dB OSNR, (b) OSNR 
performance of the 86-GBaud SCM 16QAM numerical system using ideal electrical 90-degree hybrid in the case 
of full-band detection (blue dots) or sub-band detection (red dots). 

Considering that sub-band detection is performed in our experimental demonstration owing to limited 

analogue bandwidth (33 GHz) and sampling rate (100 GSa/s) of the scope, we numerically compare the 

performance achieved using full-band detection (single 70-GHz 200-GSa/s coherent receiver) or sub-

band detection (three 33-GHz 100-GSa/s coherent receivers) of the 86-GBaud SCM signal. To simplify 

the simulation system, an ideal electrical 90-degree hybrid is employed so that the MIMO equalizer can 

be eliminated from the receiver-side DSP stack. In the case of full-band detection, the DSP flows for 

LSB and USB are the same as that in Figure 5.24(a), and no up/down conversion for BB. By contrast, 

when sub-band detection is used, up/down conversion is not required for all three separately detected 

signals. We can see from Figure 5.28(b) that the performance achieved utilizing two different detection 

methods is practically the same. 

5.5 Summary 

In this chapter, we have presented high baud rate SCM signal generation employing IQ mixers, which 

allow direct up-conversion of QAM signals and flexible choice of the RF oscillator frequency by 

resorting to the digital frequency shift. Single IQ mixer based scheme achieves symbol rate of 62 

GBaud, but the OSNR penalty at 7% HD-FEC threshold is high (6.6 dB) and the spectral efficiency is 

low (~2.7 b/s/Hz/polarization) due to redundant signal power and information on LSB. To combat these 

problems, hybrid-assisted SSB modulation for LSB suppression is numerically studied, which reduces 

the penalty by 2.7 dB with improved spectral efficiency of ~3.5 b/s/Hz/polarization.  

Alternatively, TSSB modulation allows independent data carried by two optical sidebands (e.g. LSB 

and USB), therefore, further extend the system symbol rate. The digital scheme performing joint DSP 

on the desired data pairs before up-conversion exhibits strong sensitivity to the phase delay between 

two RFOs (15.8-dB OSNR penalty for 1-ps phase delay). By contrast, passive electrical hybrid assisted 

TSSB modulation utilizing independent RFOs is more energy-efficient. Despite the hybrid amplitude 
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and phase imperfections, the resulted 48-GBaud TSSB system performance is still 7.3 dB better than 

the digital counterpart with 1-ps phase delay.  

The generated 48-GBaud TSSB signal based on a commercial electrical 90-degree hybrid is combined 

with the 38-GBaud BB signal, giving aggregate symbol rate of 86 GBaud (net data rate of 320 Gb/s per 

polarization) and spectral density of ~3.6 b/s/Hz/polarization. Experimental demonstration of such high 

symbol rate signal shows an implementation penalty of ~6.2 dB at 7% HD-FEC threshold mainly due 

to sideband crosstalk inside the TSSB signal. With the help of a 31-tap DDLMS based RV MIMO 

equalizer, the linear crosstalk is effectively mitigated and the final OSNR penalty is reduced to be 2 dB.   
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Chapter 6 : Conclusions and future 

work 
 

 

In this thesis, SCM-based transponders with simplified DSP functions in the transmitter and/or the 

receiver have been investigated and demonstrated for different applications with varied transmission 

distance.  

For 144-Gb/s ultra-high definition television transmission over 2-km SSMF, an analogue FBMC 

transceiver using direct detection and simple DSP (no nonlinearity or chromatic dispersion 

compensation nor channel equalization) is introduced. The other high spectral efficiency multicarrier 

technique (i.e. OFDM) with analogue implementation (using IQ mixers and passive combiners/splitters) 

is also considered for comparison. Theoretical analysis on the nonlinearity from optical modulator and 

photodetector highlights the importance of modulation index optimization to maximize system 

performance. Numerical results show that with optimized modulation indexes, the 144-Gb/s FBMC 

transceiver outperforms the OFDM counterpart in terms of both B2B and 2-km transmission. 

Especially, the 144-Gb/s FBMC transponder with 8 subcarriers achieves the same performance as the 

32-subcarrier OFDM system. Despite simple DSP and acceptable transmission penalty of 2.4 dB, eight 

IQ mixers and RFOs with frequencies of 4.5  GHz ( 1,2, … ,8) are required in the transceiver. In 

practical implementation, electrical phase locked loops and RF phase shifters are also needed for 

subcarrier synchronization and independent phase compensation after transmission. As a result, 

transceiver cost and complexity are significantly increased. Monolithic microwave integrated circuit 

(MMIC) technology may reduce the cost and power consumption to some extent, however, the 

implementation complexity still remains and the performance of the integrated transceiver may not be 

consistent. All these factors diminish the simple-DSP advantage of the FBMC transceiver, prohibiting 

it for practical application.  

For metro network application with system reach of 80 km, we propose two coherent transceivers 

employing simplified receiver-side DSP (no chromatic dispersion nor carrier recovery enabled by SCM 

technique and DD encoding) with different levels of performance, cost, and complexity. The proof-of-

concept demonstration of the 134-Gb/s (heterodyne detection and SSB modulation) and the 200-Gb/s 

(digital coherent detection and TSSB modulation) DD QPSK transceiver shows negligible receiver 

sensitivity penalty for amplifier-free 80-km transmission and high FO tolerance at the expense of a 7-

dB performance penalty (with respect to QPSK using carrier recovery). The receiver sensitivity (at 7% 

HD-FEC threshold) of the 200-Gb/s DD QPSK transceiver is effectively reduced by 3.7 dB with 13-
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tap MSDD decoding, which yet increases DSP complexity. The most promising aspects of the work 

here are the reduction of receiver-side DSP and high FO tolerance. However, the scarified system cost, 

complexity, and performance also need to be considered when deciding whether the proposed schemes 

are suitable for any given application. To improve spectral efficiency, we propose a 209-Gb/s single-

carrier DD 2ASK-8PSK transceiver with 11-tap MSDD decoding. Experimental demonstration shows 

a 1-dB penalty for 100-km transmission with chromatic dispersion compensation. Despite higher (4.3 

dB) implementation penalty than 16QAM with conventional carrier recovery, the FO tolerance range 

of 16 GHz for a baud rate of 28 GBaud is inspiring. This can be interesting for optical packet switched 

networks, due to potentially reduced waiting time (required for data transmission after wavelength 

switching).  

For long-haul application, high baud rate SCM 16QAM transceivers with simplified transmitter-side 

DSP (mainly pulse shaping and digital pre-emphasis) and sub-band coherent detection are 

experimentally verified. Single IQ mixer based scheme achieves aggregate symbol rate of 62 GBaud, 

but the implementation penalty is high (6.6dB) and the spectral efficiency is also low (~2.7 

b/s/Hz/polarization) due to optical double sideband modulation. Employing TSSB modulation with two 

IQ mixers and an electrical 90-degree hybrid, the baud rate is increased to 86 GBaud with improved 

spectral efficiency of ~3.6 b/s/Hz/polarization. To combat sub-band crosstalk within the TSSB signal, 

we employ a 31-tap MIMO equalizer based on DDLMS algorithm, which enables a final 

implementation penalty of 2 dB. Such SCM transceiver utilizing passive RF components and parallel 

signal processing provides an energy-efficient solution for scaling interface rate without requiring high-

speed DACs. Although discrete RF components are employed in the proposed architecture, MMIC 

technology can be deployed to realize a more compact configuration with reduced cost and potentially 

lower power consumption. Furthermore, digital pre-emphasis for bandwidth limitation compensation 

and post-MIMO equalization for TSSB crosstalk mitigation will enable consistent system performance.  

Future work 

As shown above, analogue implemented SCM transceivers with the promising advantage of simplified 

DSP are more attractive for long-haul applications, which are less sensitive to cost and system 

complexity with respect to short-reach and metro optical networks. To move to the next step, there are 

several directions: 

 Extending to dual-polarization with higher-order QAM (e.g. 32QAM, 64QAM, etc.) to increase 

interface rate of the 86-GBaud SCM transceiver.  

 Replacing sub-band coherent detection with full-band coherent detection for simpler and more 

practical implementation. In such case, sideband synchronization before post-MIMO will not 

be required, reducing the complexity of receiver-side DSP.  
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 Measuring the performance of single-channel and multi-channel high-speed signals 

transmission over long-fibre.  

 Applying probabilistic shaping, digital backpropagation, or optical phase conjugation 

(available in our lab) to the long-haul transmission system for performance improvement. 
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